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Abstract 

 

In Analog-to-Digital Converter (ADC) applications such as wireless base stations, 

sub-sampling at an Intermediate Frequency (IF) is an attractive method for minimizing 

component count and system cost. By applying this method, one or more steps of 

down-conversion are removed from the receiver path and some of the analog front-end 

signal processing functions can be moved to the digital domain. In such a solution, the 

ADC’s linearity at high input frequencies becomes a critical issue. Despite the use of a 

dedicated track-and-hold amplifier (THA), nonlinearities in the circuit’s input network 

often introduce dynamic errors that limit the performance of the ADC at high input 

frequencies. 

A number of analog techniques have been proposed in the past to improve the 

linearity performance of the ADC’s front-end. However, most of these techniques 

suffer from bandwidth limitations in the active analog circuitry and lose their 

performance at high input frequencies. In recent years, the continuous scaling of 

CMOS technology has resulted in low cost and high performance digital circuits. This 

has provided the feasibility to integrate complicated digital signal processing on chip 

and therefore use digital correction methods to compensate circuit nonlinearities in 

ADCs. However, these techniques mainly address static errors in the converter core 

and are not effective at removing dynamic nonlinearities at the front-end of the ADC. 

This dissertation introduces a digital enhancement scheme that is specifically 

tailored to remove high frequency distortion caused by the dynamic nonlinearities at 

the sampling front-end of ADCs. The basic concept of digital compensation here is to 
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apply the inverse nonlinear function to the digital output of the ADC in order to 

minimize its error over the desired frequency range. Conceptually, a nonlinear system 

with memory can be modeled with a Volterra series. However, the inverse Volterra 

series becomes very complex as the order of nonlinearity and memory in the system 

increases and it requires intensive computational power that is impractical even in 

today’s fine-line technology. Our proposed algorithm uses information about the 

sources of nonlinearity and judicious modeling to simplify the digital post processing 

scheme. 

The main sources of dynamic error at the front-end of ADCs are investigated and 

analyzed in order to find a compact model for frequency-dependent nonlinearities in 

this stage. This model is then used to build a nonlinear filter in the digital domain for 

compensating the nonlinearities. The coefficients of the filter are calibrated using 

training signals in the desired frequency region. The correction scheme can be 

effectively used for canceling nonlinearities across the whole input bandwidth of the 

ADC. 

Measurement results from applying the proposed method to a 14-bit commercially 

available ADC are presented at different frequency ranges. The experimental results 

show an improvement in SFDR of the ADC to more than 83 dB up to input 

frequencies of 470 MHz. Measurement results show that the algorithm is not very 

sensitive to temperature variations and is also applicable to any sub-sampling ADC 

that suffers from linearity degradation at high input frequencies. 
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Chapter 1  

Introduction 

 

1.1 Motivation 

Analog-to-digital converters (ADCs) are essential components in the receiver path 

of wireless communication systems. Figure 1.1(a) shows the block diagram of a 

conventional receiver architecture used in wireless base stations. Due to the limitations 

in sampling rate and bandwidth of the ADCs, the received RF signal can not be 

digitized at the front-end of the system. The input RF signal is down-converted in 

frequency using several stages of mixers and bandpass filters and is then digitized at 

baseband in order to do the required post processing. 

With the recent progress in the design of analog-to-digital converters, 

intermediate frequency (IF) sub-sampling has become an attractive method in these 

receiver architectures. By doing IF sampling, we can take away one or more steps of 

down conversion and move some of the analog functions to the digital domain (see 

Figure 1.1(b)). This method reduces the number of components and therefore the size 

and cost of the analog part of the system. Also, some functions, such as I and Q 

demodulation, can be done more accurately in the digital domain. 
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Figure 1.1: Block diagram of the receiver architecture in wireless base stations. (a) 

Conventional receiver using ADCs at baseband. (b) Using IF subsampling 

in the receiver architecture. 

 

In order to take full advantage of this method, we need to have ADCs with higher 

acquisition bandwidth and larger dynamic range. Therefore, it is critical to have very 

high linearity in ADCs at high input frequencies. Despite the use of a dedicated track-

and-hold amplifier (THA) at the front-end of ADC, nonlinearities in the circuit’s input 

network often introduce dynamic errors that limit the performance of the ADC at high 

input frequencies. Therefore, it is essential to find methods to cancel these errors and 

improve ADC’s linearity at IF input frequencies. 

Previous efforts at achieving high frequency linearity have mainly focused on 

analog approaches. In [1] it was shown that integrated BJT input buffers can reduce 

the distortion across a wide bandwidth. This improvement, however, can not be 

realized in CMOS technology. In [2], a modified bootstrapping circuit was used to 
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cancel the backgate effect of the converter’s input switch to improve linearity. This 

technique shows good performance up to moderate frequencies, but ultimately suffers 

from bandwidth limitations in the active bootstrap circuitry.  

In recent years, the continuous scaling of CMOS technology has resulted in low 

cost and high performance digital circuits. This has provided the feasibility to integrate 

complicated digital signal processing on chip and therefore use digital correction 

methods to compensate circuit nonlinearities in ADCs, see e.g., [3]-[5]. However, 

these techniques mainly address static errors in the converter core and are not effective 

at removing dynamic nonlinearities at the front-end of the ADC. 

In this thesis, we present a digital enhancement scheme that is specifically tailored 

to remove high frequency distortion caused by the dynamic nonlinearities at the 

sampling front-end of ADCs. The basic concept of digital compensation here is to 

apply the inverse nonlinear function to the digital output of the ADC in order to 

minimize its error over the desired frequency range (see Figure 1.2). Conceptually, a 

nonlinear system with memory can be modeled with a Volterra series [6], [7]. There 

are several methods in the literature that can be used to find the inverse of a Volterra 

series and extract its coefficients [8]-[10]. However, the inverse Volterra filter 

typically becomes very complex as the order of nonlinearity and memory in the 

system increase, and it therefore requires intensive computational power that is usually 

impractical even in today’s fine-line technology. 

The approach studied in this dissertation uses a simplified model for the dynamic 

errors generated at the acquisition stage of the ADC and applies an appropriate inverse 

nonlinear function to the digital output. We show in our analysis that the proposed 

correction scheme works with much less complexity than the inverse of the Volterra 

series. The algorithm is also investigated in the presence of other circuit non-idealities 

at the front-end of ADC and shows good agreement with the general distortion model 

of the front-end. In order to evaluate the proposed approach, we used an existing 

commercially available ADC [11] and applied the algorithm to its digital outputs. We 

show through our measurement results that we have been able to achieve very high 
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linearity performance (SFDR>83 dB) in the ADC at high input frequencies (fin=470 

MHz). 
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Figure 1.2: Applying the inverse nonlinear function to the ADC output for 

compensation of dynamic nonlinearities at its front-end. 

1.2 Organization 

This thesis is organized into six chapters of which this is the first. Chapter 2 

introduces the sources of nonlinearity at the front-end of ADCs and shows how 

judicious modeling of these imperfections helps us simplify the correction process. 

The analysis in this chapter shows where the memory and nonlinearities at the 

acquisition stage of the ADC are coming from and how they affect the linearity 

performance of the system. A compact nonlinear model is developed and it is 

expanded to take nonidealities of the ADC’s input driving circuit into account. 

Our proposed digital correction algorithm is presented in Chapter 3. Several 

approaches for calibrating the filter coefficients and also simplifying the correction 

process are discussed and results of applying them to the nonlinear model of a track-

and-hold circuit are presented. The simulation results show that the algorithm is 

capable of significantly increasing the linearity of the ADC’s front-end. It can be used 
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to correct nonlinearities in any bandlimited signal and remains effective in presence of 

noise on the output signal. 

Chapter 4 includes the experimental results from applying the algorithm to real 

ADC measurement data. It is shown that the digital correction scheme can greatly 

improve the linearity of the tested ADC up to very high input frequencies (470 MHz). 

The robustness and general applicability of the algorithm is analyzed and its 

performance on different kinds of input driving circuits is demonstrated. 

Applying digital correction methods requires integrating the digital blocks on the 

same die as the analog components. This can cause switching noise in the substrate 

that can degrade the performance of the system. Chapter 5 presents an investigation on 

the impact of substrate noise on high speed ADCs. A flash ADC is used as a test block 

in this experiment and it is shown how the noise can couple to the comparators and 

generate wrong codes at their outputs. Measurement results are presented from testing 

the ADC with digital noise emulators on the chip. 

Finally, Chapter 6 summarizes the contributions of this research and suggests 

areas for future investigations. 
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Chapter 2  

Nonlinearity at the ADC’s Front-End 

 

 

Dynamic errors generated at the front-end of ADCs are a limiting factor in their 

linearity performance at high input frequencies. In this chapter we investigate sources 

of errors at the front-end of ADC and show how they can affect the performance of the 

converter. Analyzing the sources of errors helps us find a compact model for dynamic 

nonlinearities that can be used in the next chapter for developing the correction 

algorithm. 

2.1 Analog-to-Digital Converters 

ADCs are the link between the analog world of real signals and the digital world 

of signal processing. They are used for converting a continuously varying analog 

signal from instruments, sensors, etc. to discrete digital numbers [12], [13]. This 

process consists of sampling and quantization, as shown in the block diagram of 

Figure 2.1. Sampling converts the continuous signal into discrete-time sample points 

and the quantization process maps the continuous range of signal values into a finite 

set of discrete levels.  

When analog-to-digital converters are used as part of a larger system, it is 

important to know the limitations of the converters and how they affect the 

performance of the entire system. Therefore, it is important to have metrics to 
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characterize the performance of the converter [12], [13].  Several static and dynamic 

metrics have been defined for this purpose, and depending on the particular 

application, some of these metrics become more or less relevant. 

 

 

Figure 2.1: Block diagram of an analog-to-digital converter, including sampling and 

quantization. 

 

One of the main metrics defining the performance of an ADC is its linearity, 

which is an important factor in high-resolution ADCs used in the receiver 

architectures discussed in Chapter 1. Any nonlinearity in the ADC path of these 

receiver architectures distorts the desired signal and spreads it in frequency as shown 

in Figure 2.2. This distortion corrupts the information in the received signal and 

affects the accuracy of the system. It is therefore important to achieve sufficient 

linearity in the ADC not to exceed the error tolerance of the system. 

In order to characterize the linearity of the ADC, several metrics are defined such 

as: Integral Nonlinearity (INL), Differential Nonlinearity (DNL) and Spurious Free 

Dynamic Range (SFDR). INL and DNL are measured from the transfer function of the 

ADC and define its static linearity (or the ADCs linearity at low input frequencies). 

DNL is defined as the difference between the actual step width and the ideal step size 

of 1 LSB in the transfer function of the ADC. INL is defined as the deviation of the 

actual transfer function from the straight line passed through the end points of the 

transfer function. Figure 2.3 illustrates the definition for these terms on the static 



Chapter 2: Nonlinearity at the ADC’s Front-End                                                         9  

 

transfer function of an ADC [13]. SFDR, on the other hand, is a performance metric 

used for characterizing the linearity of the ADC, using a dynamic measurement, over 

its entire input bandwidth. SFDR is measured by applying a sine-wave as the input to 

the converter and is defined as the ratio of the RMS value of the amplitude of the main 

signal component to the RMS value of the next largest noise or harmonic distortion 

component at the output (see Figure 2.4). 

 

 

Figure 2.2: Impact of nonlinearity in distorting the frequency spectrum of the received 

signal. 

 

Figure 2.3: Definition of INL and DNL using the ADC’s transfer function. 



10                                                         Chapter 2: Nonlinearity at the ADC’s Front-End 

 

 

Figure 2.4: SFDR definition using the output frequency spectrum of an ADC. 

2.2 Overview of ADC linearity limitations 

ADCs used in communication applications usually need to sample signals at high 

frequencies. As explained in the previous section, it is also very important in these 

applications to add the least amount of distortion to the received signal during the 

digitization process. Therefore, the SFDR of these ADCs over their input bandwidth is 

an important factor defining the performance of the system.  

The linearity of ADCs usually drops significantly with increasing input 

frequency. This can be observed as the degradation in their SFDR performance over 

the input frequency bandwidth as shown in Figure 2.5. This figure shows an SFDR 

plot of a state-of-the art 14-bit ADC [11] over its input bandwidth. The drop in 

linearity performance is due to the frequency dependent nonlinear errors generated in 

the transfer function of the ADC. Frequency dependent nonlinearities are caused by 

nonlinear functions with memory. 
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Figure 2.5: SFDR performance vs. input frequency, from National ADC14155 [11]. 

 

The nonlinear error generated in the ADC core (see Figure 2.1) is mainly the 

result of non-ideal quantization and is a static nonlinearity. This error is reflected in 

the INL/DNL performance of the ADC and also in its SFDR performance at low input 

frequencies [14]. These static nonlinear errors have been investigated extensively in 

the literature and several methods exist for minimizing and compensating them [15]-

[18].  

The linearity at high input frequencies is mainly limited by dynamic errors 

generated at the ADC’s front-end, including the input driving circuit and the 

acquisition stage (see Figure 2.6). The acquisition stage is usually the most significant 

source of dynamic nonlinear error at the front-end of ADC. This stage includes a 

track-and-hold circuit consisting of a sampling switch and a capacitor, as shown in 

Figure 2.7, and is in charge of sampling the continuous-time input signal and 

converting it to discrete-time sample points.  

The input driving circuit can be another source of dynamic errors at the ADC’s 

front-end when used together with the acquisition stage. The driver can include a 

transformer for converting single-ended to differential signals (see Figure 2.8(a)), or it 
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can include buffers or differential amplifiers depending on the application (see Figure 

2.8(b)) [19], [20]. Transformers are used to effectively drive the ADC input with 

minimal noise and distortion degradation of the wanted signal. These are passive 

elements that do not add power dissipation to the system and are usually the best 

option at high input frequencies. However, in some applications, buffers or differential 

amplifiers should be used in the ADC’s driver circuit in order increase the dynamic 

range of the system or to keep the input impedance constant during the tracking and 

hold modes .  

 

  

Figure 2.6: Block diagram of the ADC’s front-end including input driving circuit and 

the acquisition stage. 

 

 

Figure 2.7: A simple track-and-hold stage at the acquisition stage of the ADC. 
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Figure 2.8: Block diagram of the ADC together with the input driving circuit. (a) Input 

driving circuit using a transformer. (b) Input driving circuit using a buffer 

or differential amplifiers. 

 

The above-described circuits at the front-end of the ADC add nonlinear errors to 

the system which are dynamic, meaning that they depend on the input frequency, and 

static digital compensation methods can not be used to cancel them. Therefore, these 

stages are usually a limiting factor in the high-frequency linearity performance of 

ADCs. In order to compensate the errors at these stages it is essential to find a 

compact model for the nonlinearity that can be used for efficient post-processing in the 

digital domain. In the following section, we will first discuss the track-and-hold 

circuit, which is the main source of dynamic errors in ADCs, and derive a compact 

model for its dominant source of frequency dependent nonlinearity. We will then 

discuss nonlinearities caused by second order effects in the input driving circuit in the 

following section and generalize the model to take those errors into account. 
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2.3 Nonlinearity at the acquisition stage 

The track-and-hold stage used for sampling at the front-end is a significant source 

of nonlinearity in the ADC’s transfer function. The two main sources of errors at this 

stage are input-dependent charge injection and tracking nonlinearity due to the 

impedance modulation of the sampling switches. These two sources of nonlinearity 

cause the real output voltage to differ from the ideal Vout with some error during both 

tracking and the hold mode, as shown in Figure 2.9 [22]. These effects will be further 

explained in the following sections. 

Ideal Vout

Real Vout

Vin

Vin

+

-

Clk

Vout

 

Figure 2.9: Ideal and real output of a track-and-hold stage during tracking and hold 

phases. 

 

2.3.1 Input dependent charge injection 

In the simple track-and-hold circuit shown in Figure 2.10, the sampling switch is 

on during tracking mode and Vout is tracking the input voltage. When the switch turns 

off to transition to the hold mode, the output voltage should ideally sample the final 
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value of the input during tracking mode and hold it constant as shown in Figure 2.9. 

However, due to the charge injected to the sampling capacitor during the transition, 

the real output voltage adds some error to the sampled value of the input voltage (see 

Figure 2.9). This charge injection comes from the MOS switch and is related to the 

charge on the overlap capacitance in the switch and also the charge stored in the 

transistor channel. 

 

 

Figure 2.10: Charge injection in a track-and-hold circuit. 

During transition from track mode to hold mode, the clock signal changes from 

Φh to ΦL (see Figure 2.10). This voltage drop changes the charge on the overlap 

capacitor and injects Qov defined with the following equation to the sampling capacitor 

)( LH

sov

sov
ov

CC

CC
Q Φ−Φ

+
=  (2.1) 

This error mechanism is called the clock feedthrough and affects the sampled value by 

injecting the above charge to the sampling capacitor. However, this charge is 

independent of the input voltage and hence only causes a constant offset on the 

sampled voltage which can be cancelled in a differential architecture. 
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The other source of charge injection during transition from tracking to hold mode 

is the charge in the transistor channel. Using square law device models, this charge 

can approximately be modeled as 

)]([ thgsHchch VVCQ −−Φ=  (2.2) 

When the switch turns off, a fraction of the transistor channel charge goes toward the 

source and drain terminals depending on the impedance seen at these nodes and also 

the clock fall time. This charge strongly depends on the input and can cause significant 

distortion to the sampled value. 

Several studies have been done in the past years to analyze what defines the 

fraction of charge going to each terminal and how it can be calculated [23]-[28]. For a 

slow clock fall time, the channel conductance follows the gate voltage and the circuit 

can be modeled as shown in Figure 2.11 [24]. The charge injection in this block can be 

analyzed by writing the differential equation and finding its solution through 

numerical methods. If the clock fall time is faster than the carrier transit time in the 

channel, the two ends of the channel pinch off at the beginning of the clock fall time 

and the terminal voltages do not have any effect on the charge distribution. This 

causes the charge to split equally between the source and drain terminal of the device. 

Figure 2.12 shows the ratio of the charge going to source and drain of the transistor 

versus their clock fall time and the ratio of the capacitor sizes at the two terminals. 

This figure was obtained by simulating the circuit of Figure 2.11 in HSpice (using a 

TSMC 130-nm process) for different clock fall time and capacitor sizes (similar to the 

plot in [24]).  As can be observed from this figure, most of the channel charge flows to 

the terminal with larger capacitance for slow clock fall times; the charge splits equally 

between the two terminals at very fast clock fall times. 
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Figure 2.11: Simplified model for charge injection [24]. 

In a track-and-hold circuit, the fraction of transistor channel charge that is injected 

onto the sampling capacitor strongly depends on the input voltage and causes 

significant distortion on the sampled value. Several methods have been used in the 

past to minimize this input dependent charge injection on the sampling capacitor. 

These methods include using CMOS switches to achieve partial cancellation or use a 

dummy switch for providing the opposite charge [29]. However, none of these 

methods are able to cancel input dependent charge injection completely and do not 

provide sufficient accuracy for high-resolution ADC applications. 
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Figure 2.12: Ratio of charge injection into source and drain of transistor vs. clock fall 

time. 
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One common method that is usually used in the acquisition stage of high-

performance ADCs is to use a bottom-plate track-and-hold for minimizing the input 

dependent charge injection [30], [31]. Figure 2.13 shows the structure of a bottom-

plate track-and-hold circuit. The way this circuit works is that the bottom switch (M2) 

is turned off first to freeze the charge at the bottom plate of the sampling capacitor. 

Therefore, when M1 turns off node Vbot is a floating node and its charge can not 

change with the charge injection from M1. The charge at Vbot is then redistributed 

using a feedback circuit, as the sampled value of the input voltage.    

In this architecture we only have charge injection from M2 affecting the sampled 

value. The charge stored in M2 channel is defined by (2.1) and is independent of the 

input voltage. However, as we discussed above, the fraction of transistor charge going 

to the capacitor depends on the impedance seen at the drain of M2 and therefore 

depends on the resistance of M1. Due to the dependency of M1 resistance to the input 

voltage (as will be discussed in detail in next section), there is still some small 

nonlinear input dependency in the charge injection from the bottom switch to the 

capacitor that can distort the sampled value. 

Vin

+

-

M1

M2

CS

φ1d

φ1

Qinj

Vtop

Vbot

VC

 

Figure 2.13: A bottom-plate track-and-hold circuit. 

 

The switch resistance of M1 can be kept nearly independent of the input voltage 

by using the bootstrap circuit discussed in the next section [32]. A bootstrap structure 
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keeps Vgs of transistor constant during the tracking mode and therefore makes its on 

resistance constant. However there are still some small input dependencies in the 

switch resistance due to the backgate effect in the transistor and also parasitic 

capacitances in the nonideal bootstrap circuitry. As a result, the charge injection to the 

sampling capacitor can still cause small, but significant distortion on the sampled 

value. 

We did several device and mixed-mode simulations, using TCAD simulation 

tools [33], [34], of the circuit shown in Figure 2.13 (with a bootstrapped M1 switch) to 

find the impact of different circuit parameters on the nonlinearity caused by charge 

injection. Device models were used for NMOS transistors in the circuit together with 

ideal capacitor and voltage sources. Clock was applied between source and gate 

terminal of M1 to model an ideal bootstrapped switch. A channel length of 0.13µm 

was used for transistors and their doping profiles were optimized to achieve nominal 

performance for a 0.13µm process. The advantage of simulating the circuit using a 

TCAD device model for transistors is that all the charge flow and transistor channel 

variations can be observed and also the simulation results does not rely on the 

accuracy of the circuit models used for the devices. Appendix A includes an example 

netlist for modeling the transistor and the netlist of the circuit in Figure 2.13 

implemented in the Taurus simulation tool. 

In a bottom-plate track-and-hold, the input voltage is sampled as the charge on the 

bottom plate of the capacitor. Therefore, linearity of this charge defines the linearity 

performance of this block. In order to measure the nonlinearity caused by charge 

injection, a DC input voltage was used and its value was swept from 0 to 1 V. For 

each input voltage, the charge injected to the capacitor during M2 turn-off was 

measured and was plotted versus the input voltage.  A straight line is fitted to this plot 

and the linearity performance is defined as the ratio of the maximum deviation from 

the straight line to the total charge on the capacitor at full-scale (see Figure 2.14). This 

charge linearity is defined in the following equation 
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Figure 2.14: Deviation from a straight line in the plot of charge injection vs. input 

voltage. Total charge is defined as the charge on the capacitor at full 

scale, Qtotal=2pF×1V=2e
-12 

C. 

Charge Linearity 







×−=

total

error

Q

Q
log20  (2.3) 

where Qerror is the deviation of the charge injection plot from the straight line and Qtotal 

is the total charge on the capacitor (see Figure 2.14). 

Figure 2.15 includes several plots showing the linearity performance of (2.3), 

defined for the bottom-plate track-and-hold circuit, versus different circuit parameters. 

Figure 2.15(a) shows the charge linearity performance vs. size of the bottom transistor 

(W2). It can be observed from this figure that nonlinearity due to charge injection is 

reduced by reducing size of the bottom transistor. This is due to the fact that a smaller 

switch provides less charge injection. Figure 2.15(b) shows that linearity is improving 

with increasing size of the top switch, M1. Using a larger switch size reduces the 

nonlinear section of the impedance seen at the drain of M2 and hence reduces the 

nonlinear part of the charge injection. Figure 2.15(c) also shows that linearity 
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improves with smaller sampling capacitor size. This is again because the nonlinear 

switch resistance becomes a smaller portion of the total impedance at node Vbot. It is 

also observed from Figure 2.15(d) that nonlinearity due to charge injection is reduced 

by using slower clock fall times. This is explained by the fact that most of transistor 

channel charge is redirected to the source (ground connection) when having a slower 

clock fall time and that reduces the nonlinear charge injection to the capacitor. These 

results all show how different parameters in the circuits need to be chosen for 

minimizing the nonlinearity in the charge injection; though other factors such as the 

input load, thermal noise and the bandwidth requirement in the front-end need to be 

considered at the same time for choosing different circuit parameters in this stage. 
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Figure 2.15: Charge injection nonlinearity in a bottom-plate track-and-hold vs. 

different circuit parameters (equation (2.3)). (a) Linearity vs. size of M2 

(W2). (b) Linearity vs. size of M1 (W1). (c) Linearity vs. size of 

capacitor. (d) Linearity vs. Clock fall time.    
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2.3.2 Nonlinearity in the tracking phase  

During tracking mode, the track-and-hold circuit of Figure 2.13 can be modeled 

as an RC circuit. Ideally the capacitor voltage VC should track the input voltage; 

however the finite switch resistance causes this voltage to differ from the ideal Vout as 

shown in Figure 2.9. The relation between Vin and Vc during tracking mode can be 

modeled with the following equation 

( )
dt

dV
CRRVV C

inC 21 +−=  (2.4) 

where R1 and R2 are switch resistances of M1 and M2, respectively. R2 is constant but 

R1 is a nonlinear function of the input voltage defined with the following equation 

[ ]thinDDoxn

in

VVV
L

W
C

VRR
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==

µ

1
)(11

 
(2.5) 

In the above equation, R1 is a strong nonlinear function of the input voltage and 

causes significant distortion in the sampled voltage on the capacitor. Therefore, it is 

important to modify the circuit and make this resistance independent of the input 

voltage. One common method for achieving a constant switch resistance is to use a 

bootstrap switch structure [32] as shown in Figure 2.16. In this circuit, Cboot is charged 

first to VDD and is then connected across the gate and source terminal of the transistor. 

This makes the Vgs of the transistor constant during the tracking mode and makes the 

impedance of the switch nearly independent of the input voltage.  
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Figure 2.16: Bootstrap circuit for the sampling switch. (a) Bottom-plate track-and-hold 

with a bootstrap switch. (b) Bootstrap switch structure [32]. 

The switch resistance using the bootstrap architecture can be written as [36] 
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(2.6) 

),((),( 0)00 ϕϕγ −++= topinthtopinth VVVVVV  (2.7) 

 

where Cp is the parasitic capacitance at the gate of switch M1, φ0 is the surface 

potential and γ is the backgate effect parameter of the transistor.  

As evident from (2.6), there is still a small input dependency in the bootstrapped 

switch resistance due to the backgate effect of the transistor and also the parasitic 

capacitance in the active bootstrap circuitry. The distortion caused by this nonlinear 

resistance is small and the circuit, if designed properly, is sufficiently linear for many 

ADC applications. However, due to the dynamic errors caused by this nonlinear 

resistance, SFDR can degrade significantly over input frequency and the circuit may 

not be linear enough for applications that need high SFDR performance at high input 

frequencies, such as the receiver in wireless base stations. 
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Figure 2.17 shows SFDR of the bottom-plate track-and-hold circuit vs. input 

frequency obtained from AC TCAD simulations (see Appendix A). In this figure, 

SFDR degradations from the two main sources of nonlinearity in the above circuit 

have been separated. In order to differentiate the two sources of nonlinearities in 

simulation, capacitor charge was measured at the end of the tracking phase (to model 

tracking error) and after M2 turn off (to model charge injection). It can be observed 

from this figure that SFDR is mainly dominated by charge injection errors at low input 

frequencies and the tracking error becomes the main source of SFDR degradation at 

high input frequencies. Although both of these errors have dynamic effects, the charge 

injection error has mostly a static nature and does not change considerably with input 

frequency. Since the linearity of this stage is most important at high input frequencies, 

we will mainly focus on modeling and compensation of the tracking nonlinearity in 

the remainder of this dissertation. In the next section we investigate tracking 

nonlinearity in more detail in order to find a compact model that can be used for 

digital correction. 
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Figure 2.17: SFDR of the bottom-plate track-and-hold vs. input frequency obtained 

from AC TCAD simulations. 
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2.3.3 Modeling tracking nonlinearity 

We start by looking at tracking nonlinearity in a flip-around track-and-hold 

amplifier which is commonly used at the front-end of high-speed and high-resolution 

ADCs. Figure 2.18 shows a single-ended schematic of this stage. The main part of this 

circuit is the same as the bottom plate track-and-hold that we discussed before; it only 

adds another switch and a transconductance amplifier in order to transfer the sampled 

signal to the ADC core for quantization [21].  This circuit works as follows: During 

the tracking mode (φ1), M1 and M2 are closed and the voltage on the sampling 

capacitor (C) tracks the input signal. At the end of the tracking phase M2 is turned off 

to freeze the charge at the bottom plate of the capacitor. M1 is turned off with a small 

delay (φ1d) to disconnect the input from the capacitor. During the hold mode (φ2), M3 

turns on and transfers the sampled voltage to the input of the ADC core. Because the 

same capacitor is used for sampling and feedback, this circuit has an improved 

feedback factor compared to other track-and-hold amplifiers and therefore achieves 

better noise and speed performance [21].  

 

Figure 2.18: Schematic of a flip-around track-and-hold amplifier with bootstrapped 

switch. 

 

During the tracking mode, the relation between Vin and VC can be modeled with 

equation (2.4), where R1 is a nonlinear function of input voltage defined by equation 

(2.6). During the hold mode, the charge at the bottom plate of the capacitor is 
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transferred to the output using switch M3. Therefore, Vout is equal to the capacitor 

voltage at the end of the tracking phase. Using samples of the input and output voltage 

at the end of the tracking phase we can write the relation between discrete-time 

samples of Vin and Vout with the following equation 

dt

kdV
kVakVaakVkV out

outoutoutin

)(
...))()(()()(

2

210 ×++++=  (2.8) 

This equation is written based on the assumption that R1 can be approximated as a 

static nonlinear function of Vout. From equation (2.6), we know that R1 is a nonlinear 

function of Vin and Vtop. In a sampling network with sufficiently large bandwidth, Vtop 

and VC track the input closely and differ by a weakly nonlinear term that is determined 

by the respective RC product and the signal derivative. Therefore, the resistance of M1 

can be approximated by a nonlinear static function of VC and therefore Vout(k).  

In the above equation Vin is modeled as a nonlinear function of Vout with memory, 

where nonlinearity only comes from R1 and is a static function and memory is all 

included in the derivative and is a linear function. Separating these two effects in our 

distortion function helps us simplify the correction filter as will be discussed in detail 

in Chapter 3. 

2.4 Nonlinearity in the input circuit 

As mentioned in Section 2.2, second-order non-idealities at the input driving 

circuit of the ADC can add more dynamic nonlinear errors to the system. Figure 2.19 

shows a complete schematic of the front-end of the ADC including flip-around track-

and-hold amplifier, package parasitics and the input driving circuit including a 

transformer for converting single-ended to differential signal. The input driving circuit 

can alternatively include buffers, differential amplifier or other kind of drivers, but the 

general form of nonlinearity in all of them is the same and will not change the analysis 

in this section. 
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Figure 2.19: Schematic of the front-end of the ADC including flip-around track-and-

hold amplifier, package parasitic and the input driving circuit.  

 

The input driving circuit and package parasitics in this circuit can impact the 

distortion in the system. In a flip-around track-and-hold amplifier, the capacitor is not 

reset between the two sampling cycles and hence causes charge glitches to go to the 

input circuitry due to the difference between two successive samples. These charge 

glitches cause spikes on the input current as shown in Figure 2.20. These abrupt 

changes in the input current passing through the parasitic inductances can cause 

ringing and other transient response on the input voltage as shown in Figure 2.21. If 

the input circuitry is not fast enough to recover from this transient response by the 

time of the sampling, it can increase the nonlinear sampling error as will be discussed 

in detail in the following paragraphs. 
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Figure 2.20: Current spikes at the input driving circuit caused by charge glitches 

coming from the sampling capacitor. 
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Figure 2.21: Input signal distorted by the ringing caused by parasitic inductances 

(Lpar=3 nH, CS=3 pF, Cpar=6 pF ). 

2.4.1 Input circuit including transformer 

In order to analyze the distortion generated in the circuit of Figure 2.19, we can 

first assume that we have an ideal transformer and no package parasitics; therefore the 
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input driving circuit together with the track-and-hold can be approximately modeled as 

shown in Figure 2.22(a). During tracking mode, the sampling switch is closed and the 

circuit can be modeled as a second order RC circuit as shown in Figure 2.22(b). The 

new distortion function during tracking mode can be modeled with the following 

differential equation 
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where V10 and V20 are the initial voltages on the two capacitors before starting the next 

tracking phase.  

 

Figure 2.22: Simple model for the input circuit and the track-and-hold. 

 

Due to the existence of a second capacitor from the input driving circuit, the 

differential equation is second order and includes dependency to the second derivative 

of the signal. In this model, again, Vin can be written as a nonlinear function of Vout 

with memory. Nonlinearity comes from R1 and is a static function; however, memory 

effect is all included in the first and second signal derivative and is a linear function. 

Therefore, we can still model Vin as a product of a memoryless nonlinear function and 
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a linear function with memory which is still compatible with our initial model 

(equation (2.8)). 

),...)1(),1(),(())(()( +−×= kVkVkVfkVfkV outoutoutlinoutnonlinin  (2.10) 

where fnonlin is the result of RC product and flin is generated from different derivative 

orders. 

Depending on the initial voltages on the capacitors the response of this system to 

a sinusoidal input voltage can be shown as 
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where τ1 and τ2 are time constants of the circuit and k1 and k2 are defined based on 

initial voltages and the input sinewave. This shows that the output voltage has a 

transient response first, before reaching the steady-state sinewave response. If this 

transient has not settled completely by the time of the sampling, it causes dependency 

to Vout(n-1) in the nonlinear part of the output voltage. 

Now we can also add package parasitics to our model. The simplified circuit 

model including wire-bond inductance and pad capacitances is shown in Figure 2.23. 

The relation between Vin and Vout in this circuit can be modeled with a 3
rd

 order 

differential equation as shown below 
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(2.12) 

Again, in this equation memory comes from different orders of signal derivative and is 

a separate factor from static nonlinearity. This can be used for simplifying the 

distortion function into equation (2.10).  
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In the above equation, depending on the roots of the characteristic function, there 

might be ringing in the transient response, with an amplitude defined by the previous 

stored voltage on the capacitor. The time constants of this circuit define how fast the 

ringing decays. If it has not completely vanished by the time of the sampling, the 

ringing causes dependency to the previous sampled value in the nonlinear output 

voltage. 

 

Figure 2.23: Model of the track-and-hold, input driving circuit and package parasitics. 

 

A more realistic transformer model also includes parasitics as shown in Figure 

2.24 [37], [38]. In this circuit, Rp and Rs represent the resistive loss and the loss in the 

ferrite core at low frequencies. Lp and Ls represent the leakage in the inductance and 

are caused by the incomplete magnetic coupling between the two windings. Lm 

represents the magnetizing inductance and is related to the permeability and cross 

sectional area of the magnetic core and the number of turns in the windings.  Rm 

represents the hysteresis loss and eddy-current loss in the core, Cp and Cs represent 

coupling between turns of each winding and Cps represents coupling between the 

primary and the secondary windings.  

If all the elements in the transformer parasitic model are constant, the transformer 

is a linear block and only adds poles to the system transfer function but do not change 

the nonlinear model from the general form shown in equation (2.10). 
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Figure 2.24: Schematic of a real transformer model with its parasitics. 

The core of the transformer can sometimes be a source of distortion due to the 

nonlinear relation between magnetic flux density (B) and the intensity of magnetic 

field (H) [39], [40]. However, this is usually not a significant problem in RF 

transformers and at the voltage levels (< 3V) we are working with. Even if it is a 

significant nonlinear factor, it can be modeled with some nonlinear parasitic 

components and does not affect the general form of our nonlinear function (the effect 

amounts to a static nonlinearity that can be absorbed in the memoryless nonlinear 

portion of our model).  

Some of the parasitic components in a transformer such as Rm, Rp and Rs are 

frequency dependent due to the increased skin effect in wires at high frequencies [37], 

[38]. This frequency dependence adds another source of memory to the system and 

generates terms such as (dVout/dt)
2
 in our nonlinear model, which are not compatible 

with the general form of the distortion function shown in equation (2.10). However, 

these are small second order effects and are usually negligible compared to other 

distortion sources in the front-end transfer function. 

The main nonlinearity problem at the front-end caused by the transformer is due 

to the mismatch in its parasitic components for example the coupling capacitances. 

This mismatch can cause a large phase and magnitude imbalance between the two 

output ports of the transformer at high input frequencies and can lead to even order 
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harmonics [41], [42]. These even order harmonics have the same form as what is 

already included in our model, i.e. a product of a static nonlinear function and a linear 

function with memory. The harmonics can therefore be cancelled using our correction 

filter developed in the next chapter. 

2.4.2 Input circuit including amplifier 

In some applications, it is necessary to use a buffer or amplifier at the front-end of 

the ADC in order to keep input impedance constant during tracking and hold mode, 

help driving the input load or to increase the dynamic range of the system. These 

amplifier stages usually add significant amounts of noise and distortion to the system 

and make it harder to achieve high SFDR values. 

Figure 2.25 shows a simple model including amplifier stage and the track-and-

hold circuit. If the nonlinearity caused by the amplifier is static, it can be modeled with 

the following equation 
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The relation between Vout and Vout1 is therefore the same as track-and-hold nonlinear 

model shown in (2.4). Therefore, the relation between Vin and Vout can be expressed 

by the following equation 
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Figure 2.25: Basic model for the input circuit including buffer/amplifier. 

The new distortion model shown in (2.14) is different from our initial distortion 

function (equation (2.8)) and can not be completely simplified into the form shown in 

equation (2.10). This model includes terms such as (dVout/dt)
2
,  (dVout/dt)

3
, … which 

are not included in the general form of equation (2.10); however, the main part of 

distortion function can be fit into that equation and can be corrected with our 

compensation filter discussed in next chapter. 

All the circuit nonidealities discussed in this section can be a source of dynamic 

nonlinearity in the system when used together with a track-and-hold stage. Although, 

it is important to find a general compact model that can include these errors into 

account, these are second order effects that add to the dynamic nonlinearities mainly 

generated at the track-and-hold stage. 

2.5 Summary 

In this chapter, we investigated the dynamic nonlinearity problem at the front-end 

of ADCs and introduced different sources causing this problem. The frequency-

dependent nonlinear error at the front-end of the ADC mainly comes from the track-

and-hold stage and is divided between the two sources of charge injection and tracking 

error.  We showed in our simulation results that charge injection is a main source of 

linearity degradation at low input frequencies and tracking error becomes dominant at 

high input frequencies. 
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The rest of the chapter was focused on tracking nonlinearity and how it can be 

modeled in presence of other circuit components such as package parasitics, nonideal 

transformers or amplifiers. It was shown that the main part of the nonlinear function in 

these circuits can be modeled as a product of a memory-less nonlinear function and a 

linear function with memory. This is an important property that will be used in the 

next chapter for simplifying the correction process. 
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Chapter 3  

Digital Correction of Dynamic 

Nonlinearities 

 

It was shown in the previous chapter that the front-end of an ADC generates 

dynamic nonlinear errors which are a limiting factor in its linearity performance at 

high input frequencies. As mentioned in Chapter 1, previous efforts on achieving high 

frequency linearity have mainly focused on analog approaches such as using emitter 

followers in the sampling stage or modifying the switch bootstrap structure [1], [2]. 

These methods are either based on using expensive technologies or suffer from 

bandwidth limitations in the analog circuitry and do not keep good linearity up to very 

high input frequencies. In recent years, digital correction methods have been 

introduced to compensate circuit nonlinearities in ADCs, see e.g. [3]-[5]. However, 

these techniques mainly address static errors in the converter core and are not effective 

at removing dynamic nonlinearities in the THA.  

With the recent scaling in CMOS technologies and the possibility of integrating 

complex digital processing functions into the system, digital compensation methods 

can be extended to correct for dynamic nonlinearities in ADCs and to achieve good 

linearity performance at high input frequencies. Several studies have been done on 

using phase-plane tables or Volterra series for compensating memory-dependent 

nonlinearities [10], [43]-[45]. However, these methods tend to be impractical and too 

complex for systems with a high order of memory or nonlinearity. In this chapter we 

will briefly look at previous approaches for canceling nonlinearity in the digital 
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domain and then introduce the proposed correction algorithm, which uses judicious 

modeling of the nonlinearity to simplify the correction process.  

3.1 Dynamic error correction using look-up tables 

Digital post correction using look-up tables (LUT) has been studied extensively in 

literature [43]-[48]. The general structure of the error correction using look-up tables 

is shown in Figure 3.1. The basic idea of this method is that the output samples from 

the ADC are used as an index (or address) to a table. The index points at a specific 

entry in the table and the corresponding value is either added to or used to replace the 

current ADC output sample [43]. 

 

Figure 3.1: Block diagram of ADC error correction using LUT. 

 

Different methods of LUT correction are classified based on the scheme used for 

indexing the table, which can be either static, state-space or phase-plane [46], [48]-

[50]. A static look-up table correction scheme maps the present sample x(n) into an 

index I which depends neither on past nor future samples. As obvious from the name, 

this method can only be used for canceling static errors and is not useful for dynamic 

nonlinearities. One way to introduce dynamic effects into this correction method is to 

use a state-space structure. In this scheme the current (x(n)) and previous samples 

(x(n-1)) are used to build the index. This can be described as a two dimensional LUT 
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where x(n) and x(n-1) are used to index the two dimensions.  Although this method 

can be used for correcting dynamic errors, it can only model errors with dependency 

between adjacent samples. However, most dynamic errors have a higher memory 

order and can not be corrected with only a two dimensional table. This method can be 

generalized to using K delayed samples together with the current sample; however the 

table size grows very fast with this dimension extension, and the memory required to 

store that would become prohibitively large. 

As an alternative to state-space indexing, phase plane indexing can be used as 

shown in Figure 3.2 [45], [48]. In this method, the table index is constructed from the 

present sample x(n) and an estimate of the derivative of the input signal dx(t)/dt at the 

sampling point. The slope of the signal can be either measured with extra hardware 

[51] or estimated from the output of a digital filter [47].  Phase-plane tables produce a 

better estimate of the memory-dependent error compared to two dimensional state-

space tables; however, they are still not accurate enough for modeling some dynamic 

errors. Also the size of the table is too large to be used for high-speed and high-

resolution ADCs. 

 

Figure 3.2: ADC dynamic error correction using phase-plane look-up table. 
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3.2 Modeling nonlinear systems with memory using 

Volterra series 

A wide class of nonlinear systems with memory can be modeled with a Volterra 

series [6], [7]. Therefore, a possible approach for compensating dynamic ADC 

nonlinearities is to obtain a model by estimating the Volterra kernels and using an 

approximate Volterra inverse to recover the distortion [10].  

As we saw in the previous chapter, in the track-and-hold stage at the front-end of 

ADC, there is a nonlinear relation with memory between the input and output voltage 

that can be modeled as the Volterra series of the form 

 ( ) ( ) ( ) ( ) ( )[ ]nkVkVkVkVfkV ininininnonlinout −−−=  ,,2,1, K  (3.1) 

In a discrete-time system, the Volterra filter can be expressed by the following 

equation [6] 
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where M is the memory order of the system. Unfortunately, a well-known issue with 

Volterra models is that even for relatively simple systems, the corresponding inverse 

function (for error correction) can be prohibitively complex and needs a lot of 

computation [8]-[10]. In order to address this issue and to minimize the hardware 

requirement for the digital correction, we simplify the distortion model using circuit-

specific insight and judicious approximations as discussed in the previous chapter.  
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3.3 Proposed digital algorithm 

In the previous chapter, we found that an appropriate distortion model for ADC’s 

front-end is given by the product of a memory-less nonlinear function and a linear 

function with memory (see (2.8)). This model has significantly fewer terms compared 

to the general form of the Volterra series shown in (3.2). Also, we note that in contrast 

to (3.1), the distortion model of (2.8) is already in its inverse form, i.e. Vin= f(Vout). 

Therefore, this expression is directly applicable for correction and no inversion is 

needed.  

Figure 3.3 shows a block diagram of the track-and-hold together with the ADC 

and the digital post-processing. As shown in this figure, Vout of the THA goes to the 

ADC core, is quantized with ADC’s resolution and generates the digital signal Dout. 

Provided that Vout is processed by the ADC core with sufficient resolution and 

linearity, (2.8) can be applied in the digital domain, i.e. Vout ≅ Vref·Dout, where Vref is 

the reference voltage of the converter.  

( ) ( ) ( )[ ],...1, −= kVkVfkV ininnonlinout

),...]1(),([, −= kDkDgD outoutnonlincorrectedout

 

Figure 3.3: Block diagram of the track-and-hold together with the ADC and digital 

post-processing. 
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Having the signal derivative in the distortion model introduces memory effect into 

our nonlinear system. In order to find the correction filter using the distortion model of 

equation (2.8), we need to find a model for the derivative based on the output samples. 

Having a linear model for derivative and a nonlinear model for tracking resistance 

with unknown coefficients, we need to use training signals for calibrating the 

coefficients and using them in our nonlinearity correction filter. In the following 

sections, we first show how derivative can be modeled as a linear combination of 

previous and post samples and use that in the compensation filter and the calibration 

process. We will then discuss the issues with this approach and present a more 

efficient method which uses interpolation for modeling the signal derivative. 

3.3.1 Digital Correction using linear modeling of the derivative 

As shown in Appendix B, in each Nyquist zone
1
, the slope of the signal at the 

sampling instants can be modeled as a linear function of previous and post samples. 

Therefore, the distortion model shown in (2.8) can be written as 
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and hence the following set of equations for each sample is generated 
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 (3.4) 

This is a linear equation with respect to the coefficients hij; it can therefore be 

solved using Least Square (LS) methods [52] in order to find the coefficients that 

produce the best fit to a set of input and output samples. In order to calibrate the 

                                                 

1
 According to Nyquist theory of sampling, bandwidth of a signal should be smaller than half of the 

sampling frequency to be able to reconstruct the signal from its samples. This theory is true regardless 

of which Nyquist zone the signal is located in. Nyquist zones on the frequency axis are defined as 

regions with frequency span of fclk/2 distributed in the entire input bandwidth of the system. 
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coefficients, training signals can be used to generate sets of points required for solving 

the equations (see Figure 3.4). As shown in Appendix B, the linear derivative model 

depends on band-pass filter coefficients and hence is different in each Nyquist zone. 

Due to this Nyquist zone dependence and also the approximations made in deriving 

the model in the previous section, the coefficients hij must be found for each desired 

Nyquist zone of operation and training signals within this frequency range must be 

used. After applying the training signals, the following matrix equation is formed and 

hij are extracted using LS solutions [52]. 
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Figure 3.4: Calibrating coefficients required for the correction filter using training 

signals. 

 

Assuming that the output of the track-and-hold circuit is quantized with the ADC 

core with sufficient resolution and accuracy, coefficients extracted in the above 

equation can be used to form the correction filter for nonlinearity compensation. Since 
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our distortion function is already in its inverse form we do not need to find its inverse 

and the correction filter can be formed according to equation (3.4) to be applied to the 

digital output of the ADC as shown in Figure 3.3 and the following equation 
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 (3.6) 

Note that the linear terms are removed from the correction filter (i=0), since they do 

not contribute to the nonlinearity of the system. 

By comparing our distortion model (equation (3.4)) with the general form of the 

Volterra series shown in equation (3.2), we observe that the number of coefficients has 

significantly reduced in our model, which is a special case of the Volterra series. For 

example, for a memory order of M and nonlinearity order of 3, the number of 

coefficients required for each of the two models is shown in the following equations 
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)11( 32

=++×→

++→
 (3.7) 

Therefore, e.g. for M=40 (which is the memory order required in our system as will be 

discussed later), the number of required coefficients will be 65640 in (3.2) and 240 in 

(3.4), which makes a significant difference. 

3.3.1.1 Evaluation of the model: Random noise input 

As we saw earlier, nonlinearity in a track-and-hold circuit is a function of input 

voltage and its slope at the sampling instant. Therefore, in order to achieve proper 

calibration, we need to cover sufficient information on all possible combinations of 

sampled voltages and slopes in our training sequence. As a result, random noise would 

be a good choice. On the other hand, due to the bandwidth limitation of the track-and-

hold circuit, the training signal has to be bandlimited to fs/2 and should also be located 

in the desired frequency range for which we want to find the correction model. 
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Therefore, a bandpass filtered version of white noise in the corresponding Nyquist 

zone can be used as the training sequence. 

The track-and-hold model discussed in Chapter 2 was emulated in Matlab 

Simulink as shown in Figure 3.5. In this model C was chosen constant (C=2pF) and R 

was modeled with the following equation 
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(3.8) 

where VDD=3.3 V, µnCox=50 µA/V
2
 , W1/L1=100, W2/L2=500 and Vth0=0.4 V.  Vth of 

switch M1 was defined with the following equation 

)()( 000 ϕϕγ −++= inthinth VVVV  (3.9) 

where γ= 0.4 and φ0= 0.7 V. The training signal was created using a pseudo random 

sequence passed through a bandpass filter corresponding to each Nyquist zone. This 

colored noise was applied to the input of the model and a set of input and output 

samples were used in the calibration model to find its coefficients. Since 2
nd

 and 3
rd

 

harmonics are usually significantly larger than higher order harmonics in our system, 

the calibration model was formed with nonlinearity order of 3 (n=2 in (3.6)). In order 

to find the required number of previous and post samples (“M” in equation (3.6) ) for 

accurate derivative modeling and for proper correction of the system nonlinearity, we 

plotted the error in the corrected signal versus this parameter (see Figure 3.6). As can 

be observed from this figure, the error decreases monotonically until M=40 and stays 

almost constant after that. Therefore, we used a memory order of 40, which brings the 

total number of coefficients in the filter to 3 × (2×40+1) = 243. This memory order in 
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the system is due to the number of terms required for modeling derivative accurately 

(see Appendix B).    

 

Figure 3.5: Block diagram of the tracking nonlinearity modeled in Matlab Simulink. 
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Figure 3.6: Error plot for corrected signal vs. number of previous and post samples 

(m). 
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Figure 3.7 shows SFDR plots versus input frequency in the first four Nyquist 

zones of this system with a sample rate of 100 MS/s. Each Nyquist zone is defined as 

a region with frequency span of fclk/2 distributed in the entire input bandwidth of the 

system. The plots show SFDR before and after the digital enhancement. As we can see 

in this figure, SFDR has improved by more than 20 dB in all these frequency zones. 
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Figure 3.7: SFDR vs. input frequency in the first 4 Nyquist zone (fclk=100 MHz) 

before and after digital enhancement, using noise signal for calibration. 

(a) SFDR in the 1st Nyquist zone. (b) SFDR in the 2nd Nyquist zone. (c) 

SFDR in the 3rd Nyquist zone. (d) SFDR in the 4th Nyquist zone. 

Although the above calibration method works well in simulation, it has some 

practical drawbacks. As we saw in the previous section, in order to find the correction 

filter coefficients, a set of input and output samples must be known for the LS method 

(equation (3.5)). Assuming sufficient accuracy in the ADC core, output samples of the 
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track-and-hold are representative of the digital outputs of the ADC; but how can we 

find the input samples? 

The input signal is an analog voltage; therefore, in order to know its exact 

sampled value, we should generate it in the digital domain and convert it into an 

analog voltage using a DAC as shown in Figure 3.8(a). However, the DAC itself adds 

errors and nonlinearity to the signal. Therefore, in order to measure nonlinear errors of 

the ADC and to compensate them, a very accurate DAC with greater linearity than that 

desired in the ADC is required. This is not easy to achieve in practice. Furthermore, 

the output of the DAC is in the first Nyquist zone and must be upconverted to the 

desired calibration zone, using a mixer (see Figure 3.8(a)). The mixer also introduces 

nonlinearities to the system; therefore, for proper calibration, the linearity of the mixer 

must also be better than the desired performance in the ADC. 

DACDAC

DAC Mixer
Frequency spectrum Frequency spectrum

DAC Mixer
Frequency spectrum Frequency spectrum

 

Figure 3.8: Block diagram of the calibration using random input samples. (a) 

Generating random samples in the digital domain and converting them 

into an analog voltage using a DAC. (b) Using a Mixer to shift the DAC 

output to the desired Nyquist zone. 

 

3.3.1.2 Evaluation of the model: Sinewave input 

Due to the practical limitations in the above calibration scheme, we consider 

using a different kind of signal as our training sequence. We need to use a bandlimited 

signal whose input samples can be estimated from the digital output. Therefore, 

single-tone, clean sinewaves are a good choice for the training signal. In order to have 
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different sampled values and slopes for the calibration, sinewaves with several 

different frequencies in the desired Nyquist zone need to be used. After applying the 

sinewave to the input, digital outputs are read and input samples are estimated by 

fitting a sine function with known frequency to the output samples. Although this 

estimated signal has some amplitude and phase difference from the actual input 

samples, it does not contain any harmonics. Hence, calibrating the filter coefficients 

using this signal will minimize the output nonlinearity. 

The track-and-hold circuit model shown in Figure 3.5 was emulated in Matlab 

and calibrated using sinewaves in each Nyquist zone. A memory order of M=40 was 

used as in the case for noise calibration input. Due to the large number of previous and 

post samples used in the calibration model, a large number of test tones need to be 

used in each Nyquist zone in order to be able to correct any bandlimited signal in that 

zone. The number of required calibration tones is directly related to the memory order 

of the filter. Our simulation results show that for best correction with memory order of 

M=40, sinewaves with frequency steps of 1 MHz need to be applied as calibration 

signals. 

Figure 3.9 shows the SFDR result of the system before and after digital 

enhancement in the first four Nyquist zones. We can see from these plots that SFDR 

has improved by more than 30 dB in all these frequency ranges.   

As shown in Appendix B and discussed in previous sections, in a sub-sampled 

system a large number of previous and post samples are required to have an accurate 

estimate for the derivative. Using this model in the correction filter structure has the 

drawback of introducing a large number of unknown coefficients in the system which 

need to be extracted in the calibration process. Also, as was seen in the previous 

section, this large memory order increases the number of test signals required for 

proper calibration. Therefore, in order to reduce the number of model coefficients and 

the number of training signals, it is desirable to find a model for the derivative with 

fewer coefficients. This can be done using interpolation. 
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Figure 3.9: SFDR vs. input frequency in the first 4 Nyquist zone (fclk=100 MHz) 

before and after digital enhancement, using sine waves for calibration. (a) 

SFDR in the 1st Nyquist zone. (b) SFDR in the 2nd Nyquist zone. (c) 

SFDR in the 3rd Nyquist zone. (d) SFDR in the 4th Nyquist zone. 

 

3.3.2 Digital correction using interpolation 

Interpolation can be used to reconstruct samples of a desired bandlimited signal 

with higher sampling rate. Figure 3.10 shows a sub-sampled sinewave and its 

reconstructed samples. After doing the interpolation, only a few of the reconstructed 

samples are required in order to model the derivative and this will considerably 

simplify the distortion model and hence the correction filter. 
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Figure 3.10: Subsampled signal with interpolation. 

 

3.3.2.1 How to do the interpolation? 

In order to reconstruct K samples between each two output points in a sub-

sampled system, we must first upsample the digital output with a factor K (by adding 

K zeros between each two points). Afterwards, as shown in Figure 3.11, we pass the 

upsampled signal through a bandpass filter located at the original Nyquist zone of the 

input signal. This will recover the input signal with a sampling rate of K×fs. 

 

Figure 3.11: Frequency spectrum of the signal with K×fs sampling rate. The 

upsampled signal is passed through a bandpass filter to extract the 

interpolated samples. 

 

If the upsampling factor is large enough, we should conceptually be able to 

estimate the signal derivative using only one previous reconstructed sample; however, 

due to aliasing in the interpolation process, the interpolated samples are not accurate 
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and using only one of them does not generate an accurate estimate of the derivative. 

The aliasing in the interpolation process is a result of nonlinearity in the system. Even 

though the input signal is bandlimited in one Nyquist zone, due to the nonlinearities in 

the ADC, the output signal will not be bandlimited. This causes aliasing in the 

upsampling process and hence the bandpass filter can not recover the main signal 

accurately. However, if the nonlinearities in the ADC are small, aliasing is small and a 

few of the interpolated samples are enough to model the derivative with sufficient 

accuracy. In order to compensate for errors in the interpolated samples and other 

approximations made in our model, we use a few of the interpolated samples with 

independent coefficients as shown in the following equation 
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This equation can be used with a set of input and output samples and the LS method to 

find all the coefficients. Due to the practical limitations with random noise input, 

which was discussed in previous section, sinewaves are used as the training sequence. 

3.3.2.2 Evaluation of the model 

The above correction filter was tested on the track-and-hold model (Figure 3.5) 

emulated in Matlab Simulink. The bandpass filter is implemented in the digital domain 

using an ideal rectangular filter multiplied by a Kaiser Window in the time domain. 

The number of taps in the filter is chosen based on the accuracy we need in the 

interpolated samples. Based on our simulation results, we chose an upsampling factor 

of 100 (K=100) and 2100 taps for the filter which resulted in 21 multiplications for 

finding each interpolated sample. Figure 3.12 shows the frequency response of the 

bandpass filter used for reconstructing the signal in the 3
rd

 Nyquist zone with an 

upsampling factor of K=100. Having 2100 taps in the filter requires 21 multiplications 

including the current sample, 10 previous and 10 post samples for generating each of 

the interpolated samples. 
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Figure 3.12: (a) Frequency response of the bandpass filter used for reconstructing 

interpolated samples with upsampling factor of K=100 located in the 3
rd

 

Nyquist zone. (b) Bandpass filter from the 1
st
 to the 10

th
 Nyquist zone 
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In order to find the required number of interpolated samples for proper 

nonlinearity compensation, the error in the corrected signal was plotted versus the 

number of interpolated samples used (see Figure 3.13). It is observed from this plot 

that the error in the corrected output reduces monotonically as we increase the number 

of interpolated samples; however, it does not change considerably for using more than 

4 interpolated samples. Therefore, we use 4 interpolated samples together with the 

current sample (m=2 in (3.10)) to model the derivative and compensate the 

nonlinearities. The total number of coefficients in this model is therefore 15, which is 

significantly less than the previous model discussed in Section 3.3.1.  
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Figure 3.13: Error in the corrected output vs. number of interpolated samples used in 

the model. 

 

Having fewer coefficients in the model also eases the requirement on the number 

of sinewaves used for coefficient calibration. We observed from our simulation results 

that using only three single tone sinewaves spread in each Nyquist zone is sufficient 
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for correction of all the bandlimited signals in that zone. Therefore, by using 

interpolation, the number of required calibration signals also significantly reduces 

compared to the previous method.  

Figure 3.14 shows the SFDR plots resulted from applying this algorithm to the 

track-and-hold model in the first four Nyquist zones. As we can see in this figure, 

SFDR has improved by more than 40 dB in all frequency regions, which is better than 

the previous calibration approach. This improvement in the linearity is due to the more 

accurate model for the derivative, which helps in this system where the nonlinearity is 

only derivative-dependent. 
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Figure 3.14: SFDR vs. input frequency in the first 4 Nyquist zones (fclk=100 MHz) 

before and after digital enhancement, using interpolated samples in the 

model. (a) SFDR in the1
st
 Nyquist zone. (b) SFDR in the 2

nd
 Nyquist 

zone. (c) SFDR in the 3
rd

 Nyquist zone. (d) SFDR in the 4
th

 Nyquist 

zone. 
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3.3.3 Nonlinearity correction on a multi-tone input signal 

As discussed in the previous sections, after calibrating the coefficients of the filter 

using a few single tone sinewaves in each Nyquist zone, the correction filter should be 

able to compensate the nonlinearities caused on any band-limited signal located in that 

specific frequency zone. In order to test this in simulation we applied two-tone and 

three-tone sinewaves as our input signal to the nonlinear system shown in Figure 3.5. 
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Figure 3.15: Results of applying the algorithm in simulation to the nonlinear model of 

the track-and-hold with two-tone or three-tone signals. (a) Input signal 

located at 263 MHz and 273 MHz. (b) Input signals located at 263 MHz, 

273 MHz and 291 MHz. 
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Figure 3.15 shows the result of applying the correction filter on two-tone and 

three-tone signals located in the 5
th

 Nyquist zone of the sampling system with a clock 

speed of 100 MHz. In order to find the filter coefficients, single tones sinewaves were 

used as training signals in the desired frequency range. Calibration tones were chosen 

at 255 MHz, 274 MHZ and 294 MHz.  Figure 3.15(a) shows the output frequency 

spectrum of a two-tone signal located at 263 MHz and 273 MHz and Figure 3.15(b) 

shows the frequency spectrum on a three-tone signal located at 263 MHz, 273 MHz 

and 291 MHz. As we can see in these figures, all 2
nd

 and 3
rd

 order harmonics and 

inter-modulation terms caused by 2
nd

 and 3
rd

 order nonlinearities are significantly 

reduced after applying the correction filter. 

Alternatively, the compensation filter can be applied on any arbitrary bandlimited 

signal located in this Nyquist zone. Figure 3.16 shows the result of applying the 

correction filter on the nonlinear output including nine single-tone sinewaves spread in 

the 5
th

 Nyquist zone. As we can see in this figure all the tones caused by nonlinearity 

in this system are cancelled after applying the correction filter. 
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Figure 3.16: Applying correction algorithm on an arbitrary signal including nine single 

tone sinewaves located at the 5
th

 Nyquist zone. 

3.3.4 Algorithm performance in presence of noise 

In order to evaluate the calibration algorithm in the presence of noise and other 

ADC non-idealities, we simulated the track-and hold model by adding thermal and 

quantization noise to its output. Assuming the ADC core quantizes the THA output 

with a resolution of 14 bits and generates outputs with 11 ENOB (Effective Number 

Of Bits), we passed the output samples through a 14-bit quantizer and added 2
3
 LSB 

of random noise to its output. This causes the last three bits of the ADC’s output to be 

corrupted by noise.  Figure 3.17 shows the frequency spectrum of the output before 

and after digital enhancement at the input frequency of fin=263 MHz and fclk=100 

MHz. As we can see in these plots, the 2
nd

 and 3
rd

 harmonics of the nonlinear system 

are significantly reduced after applying the digital correction algorithm.  
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Figure 3.17: Frequency spectrum at the track-and-hold output with quantization noise 

and 8 LSB of random noise before and after digital correction (fin=263 

MHz, fclk=100 MHz). (a) Before digital correction. (b) After digital 

correction. 

 

The results of this experiment shows that the algorithm can still be used to correct 

nonlinearities on an output signal that has been corrupted by thermal and quantization 

noise. The noise on the samples can cause large errors in derivative estimation in each 

sample point; but, if a large number of sample points are used for filter coefficients 

calibration, the effect of noise is averaged out and correct coefficients are extracted 

during calibration process. 

3.3.5 Algorithm performance in presence of other circuit non-

idealities 

 It was shown in the previous chapter that other parts of the ADC front-end 

including input driving circuit and package parasitics add to the nonlinearities in the 

system. These circuit nonidealities basically change the distortion model from our 

initial nonlinear model shown in equation (2.8) and introduce dependency to second 

and third order derivatives but do not change the model from the general form shown 

in equation (2.10). Now, considering the fact that our correction filter is also based on 

equation (2.10) and separation of nonlinear effects from memory effects, we can still 
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use our correction filter (equation (3.6)) and apply it to the output of the ADC front-

end circuit shown in Figure 2.19. 

The general form of the nonlinear model at the front-end of ADC can be 

expressed by the following equation 
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It is shown in Appendix B that all derivatives of a sampled signal can be modeled as a 

linear combination of previous and post samples. Therefore, the above distortion 

function can still be modeled as a product of a static nonlinear function and a linear 

function with memory (as shown in equation (2.10)) and hence is still compatible with 

the initial form of our distortion model. 

As we saw in the previous chapter, the above differential equation causes 

transient response at the output depending on the initial stored voltages and the input 

signal. If this transient response has vanished by the time of the sampling, the 

distortion function in the above equation is compatible with the general form of our 

nonlinear function and can be corrected with the correction filter shown in equation 

(3.6). However, if the transient response is not completely gone by the time of the 

sampling it will add errors to the system depending on the previous sampled voltage. 

This error is mainly caused by the residual charge on the sampling capacitor and is a 

problem in flip-around track-and-hold amplifiers where the capacitor is not reset 

between consecutive samples.  In order to take this error into account, we modify the 

correction filter and add terms including the previous sampled value. Therefore, the 

new correction filter for these systems can be expressed by the following equation 
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This new correction filter helps correct for the errors caused by the charge glitches 

generated from the residual capacitor charge going back to the input circuitry. 



Chapter 3: Digital Correction of Dynamic Nonlinearities                                            61  

 

We simulated the complete ADC front-end (Figure 3.18) in Spice and then 

applied the correction algorithm to its output in order to study how the algorithm 

performs in the presence of other circuit nonidealities. Figure 3.19 shows the 

frequency spectrum at the output of this stage before and after applying the digital 

enhancement. The results are shown at two input frequencies of 326 MHz and 898 

MHz. It can be observed in these figures that the 2
nd

 and 3
rd

 order harmonics are 

significantly reduced after applying the correction algorithm. This clearly shows that 

the algorithm works in presence of second-order circuit nonidealities. Also Figure 

3.18(b) shows that the algorithm works even at very high input frequencies and does 

not have any frequency limitation. This is a great advantage of digital post processing 

approaches when compared to analog linearity improvement techniques. The digital 

correction algorithm can correct nonlinearities as long as the sampled voltage can 

completely track the input signal and hence, the method works for the whole input 

frequency bandwidth of the ADC’s front-end. 

 

Figure 3.18: Circuit diagram of the ADC front-end including flip-around track-and-

hold amplifier, package parasitics and the input driving circuit including 

transformer. 
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Figure 3.19: Frequency spectrum at the output of the ADC front-end simulation before 

and after digital enhancement. (a) fin=326 MHz. (b)fin=898 MHz. 

 

3.4 Summary 

It was shown in Chapter 2 that linearity of ADCs at high input frequencies are 

limited by the dynamic errors generated at their front-end. Several studies have been 

done to minimize those errors or compensate them in the digital domain. Analog 

approaches usually need using of expensive processes and also suffer from the 

bandwidth limitations in the active circuitry and degrade the performance at high 

frequencies. Digital methods to date are mostly based on Volterra series or using look-

up tables which both get very complicated for high resolution ADCs and will not be 

practical even in today’s fine line digital technologies. 

In this chapter we proposed a digital correction algorithm for compensating 

dynamic nonlinear errors generated at the front-end of ADCs and to achieve good 

linearity performance at high input frequencies. The method uses circuit level 

information based on the models developed in Chapter 2 to simplify the correction 

process. Several approaches for coefficient calibration and correction were 

investigated here and some of their practical issues were discussed. In the final 
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proposed approach, three single-tone sinewaves are used as test tones for calibrating 

the coefficients and interpolation is used for estimating the derivative of the signal. 

It was shown in this chapter that the proposed algorithm can be used to correct 

nonlinearities in any bandlimited signal located at a specific Nyquist zone. The 

algorithm was also tested in simulation on an output signal which was corrupted by 

thermal and quantization noise; but still showed good performance. It was also shown 

that the algorithm can work in presence of other circuit nonidealities by applying the 

correction scheme to the Spice simulation result of the complete ADC front-end 

circuit. 
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65 

Chapter 4  

Experimental Results 

 

In the previous chapter we saw in simulation how the proposed correction 

algorithm operates effectively on the nonlinear model of a track-and-hold system and 

also functions in presence of other circuit nonidealities. In order to evaluate the 

performance of the algorithm on real ADCs we applied the correction scheme to a 

state-of-the-art, commercially available ADC. For this experiment we used the 

National ADC14155, which is a 14-bit ADC with a sample rate of 155 Msample/s and 

1.1 GHz input bandwidth [11]. Figure 4.1 shows a photo of the ADC test board 

together with the data capture board. 

 

Figure 4.1: Photo of the ADC test setup with the data capture board. 
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4.1 ADC test setup 

A schematic of the ADC together with its input driving circuit and the rest of our 

test setup is shown in Figure 4.2. HP 8644B signal generators are used for generating 

the sinewaves required for input and clock signals. The generated sinewave for the 

input goes to a tunable bandpass filter to remove all the harmonics and make the input 

signal linear enough for testing the linearity of the ADC. The input driving circuit of 

the ADC uses two cascaded balun type transformers for converting single-ended to 

differential signals. Balun transformers are more linear than regular flux coupled 

transformers at high input frequencies and using two of them in series minimizes the 

phase and magnitude imbalance at the two output ports at high frequencies [41].   

 

Figure 4.2: Block diagram of the test setup. 

 

The ADC output goes to a data capture board which collects blocks of data that 

are transferred to a computer that emulates the digital post-processing. Alternatively 

the digital scheme could be implemented in real time for example using an FPGA. 

However, since there is no feedback from the digital post processing to the ADC, a 

real-time implementation would not alter the presented results. In Section 4.2, we look 

at the block diagram and implementation of the digital post-processing using Verilog 

and synthesis tools. Measurement results from this test setup are discussed in Section 

4.3. 
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4.2 Implementation of the digital post processing 

4.2.1 Digital correction scheme 

It is crucial for our system to know how complex the digital post processing is 

and how much power it would add to the system if implemented in hardware. Figure 

4.3 shows a block diagram of our digital correction scheme. As discussed in Chapter 

3, we use 10 previous and 10 post samples for reconstructing the interpolated samples 

using the bandpass filter. Filter coefficients are stored in registers to be used in the 

interpolation process. We chose an upsampling factor of 100 for accurate modeling of 

the derivative. However, we only need to reconstruct four of these samples for the 

nonlinearity correction process. These four reconstructed samples, together with one 

previous sample, are transferred to the nonlinearity correction section and are 

multiplied with the powers of the current sample and calibrated coefficients in order to 

find the final corrected output.  

In this structure, the number of bits required for storing each sample is the same 

as number of bits in the ADC (14 in our experiment). We used 16 bits for storing the 

calibrated coefficients to get enough accuracy in our correction. After each operation, 

the result is rounded to a 14-bit number. In order to find the number of operations in 

the proposed correction scheme, we note that the interpolation process with a 2100-tap 

filter, requires 21 multiplications and additions for generating each of the 

reconstructed samples. Since we need to reconstruct four of the interpolated samples 

for each main sample, we need 21×4=84 multiplications and 21×4=84 additions in the 

interpolation section. After these samples are generated, they are transferred to the 

next section, which performs the nonlinearity correction. Due to having large 

harmonics until 3
rd

 order in the system, nonlinearity was modeled until 3
rd

 order in our 

correction filter. The total number of multiplications in this section is 6+6×2+6×2=30 

and the total number of additions is 6+6+6=18. Therefore, in total we need to perform 

114 multiplications and 102 additions for finding each corrected sample. These results 

show that the major part of the digital processing power is consumed in the 

interpolation process. This power can be reduced by using fewer taps in the filter and 
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hence fewer operations during sample reconstruction. However, this will lead to losing 

some accuracy and therefore linearity improvement in the system. 
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Figure 4.3: Block diagram of the digital post processor. 

 

We implemented this digital algorithm in Verilog and synthesized it using 

standard CMOS cells in a 90-nm process. Table 4.1 shows a summary of the numbers 

resulting from the synthesis. As we can see in the table, the digital post-processor 

works at the same speed as the ADC with a clock rate of 155 MSample/s. The 

correction scheme adds 33 cycles of latency to the output in order to perform the post 

processing. The digital post-processing is implemented using 61,339 logic cells which 

occupy an area of 0.54 mm
2
. The power consumption of this block was estimated from 
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the synthesis tool to be about 52 mW, which is a small overhead compared to the ADC 

power of 967 mW.  

Table 4.1: Results of synthesizing the digital post processing scheme. 

Technology 90-nm CMOS 

Clock speed 155 MHz 

Latency 33 clock cycles 

Number of logic cells 61,339 

Area 0.54 mm
2
 

Power 52 mW 

ADC power (ADC14155) 967 mW 

 

4.2.2 Coefficient calibration 

An important part of the digital post processing is the filter coefficient calibration. 

The proposed calibration method here is a foreground digital calibration, meaning that 

the coefficients are calibrated once and are kept constant during the ADC operation. 

This coefficient calibration can be done at the power-up state of the ADC when the 

normal operation has not started yet. Since this process is only applied once, it does 

not add to the power of the system and it can also reuse some of the digital blocks. 

Therefore, its power and area consumption is not a major concern in our system. 

Although it is still important to find out how the calibration can be done using the 

digital hardware. 

Coefficients of the correction filter are extracted using least square (LS) solutions 

on a set of test input and output points. These solutions are found through finding 

matrix inverses in Matlab. But, for hardware implementation we need to find an 

adaptive algorithm to extract the coefficients iteratively by updating them in each step 

of sampling. On the other hand, because of having several frequency tones in our test 
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signals, the input samples are not stationary and Least Mean Square (LMS) methods 

can not be used for finding the coefficients. Instead, Recursive Least Square (RLS) 

algorithms can be used to find the best solution for coefficients [53], [54]. The 

advantage of RLS algorithm is that it uses some information from previous samples in 

updating coefficients at each step. The RLS algorithm for finding the filter coefficients 

is explained in detail in Appendix C. 

4.3 Measurement results 

As discussed above, coefficients of the post-processor are extracted in a 

foreground calibration approach using three single tone sinewaves, distributed across 

each Nyquist zone. It was shown in Chapter 3 that different sets of coefficients must 

be extracted for each Nyquist zone; however with each set, any band-limited signal in 

the corresponding frequency range can be corrected.  
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Figure 4.4: Frequency spectrum of the ADC output at fin=326 MHz (fclk=155 MHz). 

 

Figure 4.4 shows the frequency spectrum at the output of the ADC at fin=326 

MHz. The results are shown before and after applying the digital enhancement 

scheme. The input frequency is located in the 5
th

 Nyquist zone of the ADC and in 

order to find the filter coefficients, three single tone sinewaves were used at the same 

Nyquist zone located at frequencies of 322 MHz, 340 MHz and 390 MHz. Having a 



Chapter 4: Experimental Results                                                                                  71  

 

3
rd

 order nonlinear correction filter in our system, it can be observed from this figure 

that 2
nd

 and 3
rd

 order harmonics are significantly reduced after applying the correction 

scheme. 

Figure 4.5 shows SFDR of the ADC versus input frequency in the 5
th

 and 6
th

 

Nyquist zone before and after applying the digital enhancement. The correction filter 

was extracted individually for each of these Nyquist zones by using training signals in 

that specific frequency region. It is observed from these figures that SFDR has 

improved to more than 83 dB after applying the digital correction algorithm up to 

input frequencies of 470 MHz. The maximum achievable SFDR in this system is 

partly limited by noise on the samples and also the static nonlinearity in the ADC core 

after canceling dynamic errors at its front-end. In principle, some part of the static 

nonlinearity caused in the ADC core can be cancelled by our correction filter. 

However, since nonlinearities in the ADC core can be as high as 11
th

 or 13
th

 order, it 

would make our nonlinear filter prohibitively complex. If higher SFDR values are 

desired, there are simpler methods for canceling static nonlinearities in the ADC core 

[4], [5]. 
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Figure 4.5: SFDR vs. input frequency in the 5
th

 and 6
th

 Nyquist zone (fclk=155 MHz). 
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4.3.1 Robustness of the algorithm with temperature variations 

Since the proposed correction algorithm performs a foreground calibration, it is 

important to test its robustness versus variations in environmental conditions. In order 

to test the robustness of the algorithm versus temperature, we calibrated the ADC once 

while it was working in its normal condition. After that, we subjected the ADC to 

temperature variations of ±30
◦
 C relative to room temperature and applied the same 

correction filter to its output.  

For the temperature variation test, the ADC was heated with a heat gun and 

cooled down with a cooling spray. In order to be able to measure temperature 

variations, we used one of the ESD diodes on the chip and forward biased it according 

to the diagram shown in Figure 4.6. In this setup, pin PD (which is an unused pin in 

our experiment) is used for connecting the ESD diode to a negative voltage –Vc 

through a 10K resistor. This makes the ESD diode to be forward biased with a voltage 

equal to Vbe across its two terminals. Vbe of the diode changes directly with 

temperature and has a slope of -1.8 mV per degree of temperature increase. Therefore, 

after each step of heating or cooling down process, temperature can be measured by 

measuring the voltage at node PD of the ADC package.  

  

Figure 4.6: Block diagram of the test setup used for temperature variation 

measurement. PD is an unused pin on the chip and is connected to a 

negative voltage through a resistor in order to forward bias the ESD 

diode. 



Chapter 4: Experimental Results                                                                                  73  

 

 

Figure 4.7 shows the SFDR of the tested ADC versus temperature variation of 

±30
◦
C relative to room temperature, before and after applying digital enhancement. As 

evident from this plot, the distortion compensation is only weakly affected by 

temperature and the SFDR of the post-processed converter remains above 80 dB. This 

result indicates that a simple foreground calibration approach is feasible in some 

applications that do not experience large temperature variations without providing a 

time window for re-calibration. Similar to the scheme implemented in [55], a 

foreground re-calibration could be triggered by a temperature sensor upon detection of 

a large change in operating temperature. 
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Figure 4.7: SFDR of the ADC vs. temperature variations (fin=326 MHz, fclk=155 

MHz). 

 

4.3.1.1 Analysis of the impact of temperature variation on dynamic 

nonlinearity 

We saw in Chapter 2 that dynamic nonlinearity at the ADC’s front-end is mainly 

generated by nonlinear switch resistance, and in the case of a bootstrapped switch, 
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nonlinearity comes from the backgate effect in the threshold voltage of the transistor. 

Both the threshold voltage and carrier mobility in a device change considerably with 

temperature variations. These effects have been widely investigated in the literature in 

order to make voltage references independent of temperature [56]-[58]. The variations 

in these two parameters change the switch resistance and its nonlinear factor and 

hence can change the nonlinearity in the system. 

Threshold voltage mainly changes linearly with temperature; however, mobility 

has small variations with temperature which are nonlinear. These two effects can be 

approximately modeled with the following equations.  
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If we model R(Vin) as a polynomial function of the input voltage shown below, then 

each of the coefficients in this model (R1, R2, R3, …) are a function of the temperature 

due to the variation of threshold voltage and mobility shown above. 
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We included the temperature variation of Vth and µn into our simulation model of 

the nonlinear switch resistance and looked at the variation of the coefficients in the 

above polynomial vs. temperature. Figure 4.8 shows the result of this simulation. In 

this figure, the constant term in R and its first order and second order input 

dependency are plotted versus temperature variations. 

Due to the differential architecture of the input track-and-hold circuit, the main 

nonlinearity caused by this stage is the third order nonlinearity. By looking at (2.8) in 

Chapter 2, we note that the third order nonlinearity in the system comes from the 

second order input dependency in the switch resistance. The variations of different 
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resistance terms versus temperature in Figure 4.8 show that the second order nonlinear 

term in R (R2) does not change significantly in the temperature range of our 

experiment. Therefore, the dominant harmonic at the output (which is the third-order 

harmonic), and hence SFDR, show small variations with temperature. 
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Figure 4.8: Variations in switch resistance nonlinear terms vs. temperature. 

 

4.3.2 General applicability of the algorithm 

In the above sub-sections, we showed the experimental results obtained by 

applying the correction method to the output of National ADC14155 [11]. As a further 

test of robustness and general applicability of our algorithm, we applied the post-

processing scheme to a second ADC provided by a different vendor. The device 

chosen for this experiment was TI ADS6143 which is a 14-bit, 80-MS/s CMOS ADC 

with an input bandwidth of 450 MHz [59].  
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The correction filter was again extracted by using three single-tone sinewaves as 

training signals in each Nyquist zone. As in the previous experiment, four of the 

reconstructed samples together with one previous main sample were used in the 

correction filter. Figure 4.9 shows the SFDR of this ADC in its 11
th

 Nyquist zone 

which extends to input frequencies of 440 MHz. The SFDR results are shown before 

and after digital enhancement. As can be observed in this figure, SFDR has been 

improved to more than 82 dB after applying the correction. 
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Figure 4.9: SFDR vs. input frequency in the 11
th

 Nyquist zone for the ADS6143. 

 

4.3.3 Algorithm performance on different input driving circuits 

It was discussed in Chapter 2 that the transformer and other part of the input 

driving circuit can add more distortion to the system. The input driving circuit of the 

ADC is usually optimized for the frequency range of converter operation in order to 

introduce the least distortion into the signal [60].   

Our measurement experiments shown for the National ADC14155 were done 

using its high frequency setup for the input circuit (see Figure 4.5). In order to test the 

performance of the algorithm when more distortion is caused at the input driving 
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circuit, we made another test setup for the ADC using its recommended input circuit 

for low frequency tests as shown in Figure 4.10 [60] and applied the digital correction 

scheme to its output. The result of this experiment is shown in Figure 4.11. This plot 

shows SFDR of the ADC in its 5
th

 Nyquist zone before and after applying the digital 

enhancement. By comparing this figure with Figure 4.5, we note that the SFDR 

numbers before distortion have significantly degraded due to the different input 

driving circuit. However, we are still able to correct it to around 80 dB after applying 

the digital enhancement scheme. 

 

Figure 4.10: Block diagram of the ADC with the input driving circuit optimized for 

low frequency tests [60]. 

In order to test the performance of the algorithm on a different input driving 

circuit including amplifiers, we tried the correction scheme on the National 

ADC14155 together with a Digitally Variable Gain Amplifier (DVGA) at its front-end 

[61]. DVGAs are used in some communication applications in order to increase the 

dynamic range of the system (see Figure 4.12). These stages usually add distortion to 

the system; but their nonlinearity is mostly static and as discussed in Chapter 2, most 

of it can be corrected with our algorithm. 
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Figure 4.11: SFDR of the National ADC14155 vs. input frequency in the 5
th

 Nyquist 

zone. The input circuit has been modified to cause more distortion. 

 

 

Figure 4.12: Block diagram of the ADC together with a DVGA [61]. 

  

Figure 4.13 shows the result of applying our correction algorithm to the output of 

the ADC together with DVGA. This plot shows SFDR of the ADC versus input 

frequency in the 5
th

 Nyquist zone. It can be observed from this figure that SFDR of the 

system has been degraded significantly because of the DVGA. However, the digital 
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correction algorithm is still able to compensate most of the nonlinearities caused by 

that stage and improve the SFDR to around 80 dB. As discussed in Chapter 2 the static 

nonlinearities in the amplifier generate some terms in the overall distortion model of 

the system which are not included in our correction filter. However, these terms are a 

small portion of system nonlinearity and still most of the distortion elements can be 

cancelled with our compensation algorithm. 
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Figure 4.13: SFDR of the ADC together with DVGA in the 5
th

 Nyquist zone. 

 

4.4 Summary 

Experimental results from applying the proposed algorithm to commercially 

available ADCs were shown in this chapter. It was shown that the correction scheme 

can significantly improve SFDR performance of the ADC up to very high input 

frequencies. The algorithm can be applied to any subsampling ADC that suffers from 

nonlinearity at high input frequencies and it does not have any frequency limitations. 

We also tested the robustness of the algorithm versus temperature and observed that 
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the correction is relatively insensitive to temperature changes. The correction method 

was also tested on different input driving circuits and showed good performance in 

presence of other sources of nonlinearities coming from the input network. 

Figure 4.14 shows SFDR data of state-of-the-art high resolution ADCs (published 

or commercially available converters) reported at different frequencies together with 

the result of this work at the highest frequency in our measurement (470 MHz). As we 

can see in this figure the result of our work exceeds the performance of all the ADCs 

included in the survey. It is also observed in this figure that all the ADCs with good 

linearity performance use BiCMOS structures. This clearly shows that digital post-

processing approaches can improve performance of pure CMOS ADCs beyond 

BiCMOS structures. 
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Figure 4.14: A comparison between SFDR performance of the state-of-the-art high 

resolution ADCs and the result of this work. 
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Chapter 5  

Impact of Substrate Noise on the 

Performance of High-Speed ADCs 

 

In the previous chapters we saw that digital post-processing can be used to 

compensate dynamic nonlinearities at the front-end of ADCs and improve their 

linearity at high input frequencies. In the experimental results shown in Chapter 4, the 

digital data from the ADC output were transferred to a computer which emulated the 

digital post processing. In a real application though, this algorithm needs to be 

implemented real time by either using an FPGA (which may already be a part of the 

system) or using digital blocks integrated on the same chip as the ADC for stand-alone 

or system-on-chip applications of the converter.  

Integration of both analog and digital blocks on the same die can introduce a 

significant source of noise for analog components through the substrate [62]. This 

noise, which is generated due to the switching activities in the digital components can 

couple to the analog blocks and degrade their performance. Figure 5.1 shows a block 

diagram of noise injection and propagation in the substrate. It is important to 

investigate how this noise can impact the performance of sensitive analog parts of the 

system and how it can be minimized. Although substrate noise has been considered 

and analyzed widely in single devices or circuit blocks [63]-[65], there is no 

comprehensive work about its impact on a complex structure like an ADC.  

Flash ADCs are among the highest speed data converters that can be used either 

standalone in high-speed, low-resolution applications or as a sub-circuit in higher 

resolution architectures [66], [67]. Therefore, we chose this architecture to investigate 
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its performance degradation in the presence of noise and analyze its different sub-

blocks to find out how each of them can be affected by coupling noise in the substrate. 

In this chapter, we first describe the architecture of the designed flash ADC, then 

analyze different effects of substrate noise on its sub-blocks and discuss the impact of 

noise on the overall ADC performance. Experimental results from the tested ADC are 

presented at the end.  

 

Figure 5.1: Noise injection and propagation in the substrate. 

 

5.1 ADC architecture 

In order to investigate the impact of substrate noise on high-speed ADCs, we 

chose a 4-bit flash ADC as our test prototype. The ADC uses 15 comparators and 

works at a clock rate of 1 GHz. Figure 5.2 shows a block diagram of this ADC. The 

input full-scale range is 0.5 V and a differential resistive ladder is used to generate the 

reference voltages for the comparators. Due to the low resolution of the ADC, no 

separate track-and-hold is used and sampling of the input voltage is done within each 

comparator.  

Figure 5.3 shows a schematic of the comparator used in our test setup. During 

clock phase φ1, switches S3-S7 are closed and the comparator is in the reset mode. 

Reference voltages are sampled on the capacitors in this phase. In clock phase φ2 
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switches S3-S6 open and S1, S2 close to sample the input voltage. Switch S7 is opened 

with a short delay to start the regeneration mode and amplify the difference between 

input and reference voltages [68].  

 

Figure 5.2: Block diagram of the flash ADC. 

 

Bipolar transistors at the input are used together with input offset cancellation to 

achieve a small input offset of 4 mV. Having a full range of 0.5 V, the LSB of the 

ADC is 31.3 mV and hence the offset is small enough for normal ADC operation. An 

SR latch is used at the output stage to sample the comparator output before the reset 

phase and to hold the result until the next clock cycle.  
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Figure 5.3: Block diagram of the comparator architecture. 

 

5.2 Analysis of the impact of substrate noise on flash 

ADCs 

Switching activity of the digital components, which are located on the same die as 

analog blocks, inject current spikes into the substrate. These current spikes are injected 

into the substrate through three mechanisms: 1) capacitive coupling between the 

digital switching nodes and the substrate, 2) the impact ionization in MOS transistors 

channels, and 3) supply noise at power and ground contacts, mainly due to the 

package and bond-wire inductances [63]. As shown in Figure 5.1, this noise 

propagates through the substrate network and couples to the analog components which 

are located on the same chip. The generated noise can affect the analog blocks via 

capacitive coupling to source and drain junctions of MOS transistors or collector-bulk 

junctions of bipolar transistors. In the MOS transistors, substrate noise can also affect 

the analog block via the back-gate effect in transistors; i.e. the threshold voltage is 

modulated by changes in VSB through the following equation 
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)( 000 φφγ −++= SBthth VVV  (5.1) 

 In a flash ADC, the coupling of substrate noise can degrade the performance of 

the ADC by impacting its sampling or quantization stage. Noise in the substrate can 

change the threshold voltage of the sampling switches through back-gate effect and 

hence change their sampling instant. This acts like jitter in the sampling time and 

becomes important at high input frequencies or high resolution. If the error caused by 

jitter is the dominant source of noise, it can affect the SNR of the ADC by the 

following equation [69] 
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where f is the input frequency and ∆t is the standard deviation of the jitter. However, 

this is not a major problem in our designed ADC due to its low resolution and large 

quantization noise. 

Noise can also couple to nodes of the comparator core through junction-to-

substrate capacitance and change the output or the regeneration time of the latch. The 

most common impact of noise on a comparator is changing its decision time. The 

regeneration time of the latch is defined by the following equation [70] 
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where Cout is the total capacitance at nodes Out1 or Out2 and gm3,4 is the 

transconductance of M3 or M4. Noise that couples symmetrically or asymmetrically to 

the output nodes of the latch can affect its regeneration time by changing the voltage 

levels and therefore the range the outputs must swing (Vfinal-Vinitial). The regeneration 

time of the latch can also change due to variations in the transconductance of the 

switches (gm3,4) caused by the impact of noise on the threshold voltage. The small 



86        Chapter 5: Impact of Substrate Noise on the Performance of High-Speed ADCs 

 

variations in the decision time of the comparator, caused by substrate noise, do not 

usually affect the performance of the converter. In a flash ADC, each comparator 

makes its decision at a different time depending on its respective input level; therefore, 

the latch output is always sampled right before the end of the clock cycle to make sure 

the comparators have completely resolved their outputs. As a result, when the 

comparator is in its normal operation region, small variations in its regeneration time 

do not transfer to the digital output code of the ADC. Nevertheless, if the comparator 

is close to the meta-stability region [12], variations in its regeneration time due to 

large noise spikes in the substrate can lead to an unresolved decision by the end of the 

clock cycle and therefore a wrong code at the output of the ADC. 

Another impact of the substrate noise on the comparator block is generating an 

incorrect decision at its output. This happens when noise spikes couple asymmetrically 

to the input or output of the comparator latch at the beginning of the regeneration 

phase. Asymmetric noise coupling is the result of different distances from the noise 

source to the input or output nodes of the latch. If the differential input of the 

comparator is small, large noise spikes can reverse the input polarity and change the 

decision of the comparator (see Figure 5.4). This is the most important influence of 

noise on the flash ADC performance which can lead to an incorrect output digital code 

in the ADC and degrades its SNDR. With increasing noise frequency, there is a higher 

chance that the noise spikes happen during the regeneration phase of the latch; 

therefore SNDR degradation increases with noise frequency. This disturbed decision 

can also occur when noise spikes happen during the offset cancellation mode and 

corrupt the input offset of the comparator. With a large variation in the input offset, 

the polarity of the input changes and the comparator can make a wrong decision. 

In general, the main source of performance degradation in a flash ADC is 

asymmetric noise coupling to the comparator blocks. Therefore, in order to have less 

sensitivity to substrate noise, complete symmetry should be considered in the layout of 

analog blocks both in terms of their distance to digital noise sources and the 

availability of substrate to ground contacts around sensitive nodes. 
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Figure 5.4: Latch output before and after noise coupling. 

 

5.3 Experimental setup 

In order to investigate the impact of substrate noise on flash ADC performance, 

noise emulators and ADC building blocks are integrated on a test chip fabricated in a 

0.18-µm BiCMOS process. The tehcnology used in this chip is a non-epi process; 

therefore, the distance from the noise generator is an important factor of performance 

degradation in different blocks. Figure 5.5 includes the die photo and layout of the test 

chip which shows the location of different blocks on the chip. Two Digital Noise 

Emulators (DNEs) are used on the two corners of the chip to inject noise into the 

substrate at different locations. The DNE includes a chain of inverters that drive a 

large capacitance connected to the substrate. The capacitor is made out of a reversed 

biased P-N junction and is used for coupling a maximum amount of noise from the 

output of the inverter chain to the substrate. The noise generated by these DNEs well 

approximates switching noise of real digital blocks. Separate supply and ground 

networks are used for the DNEs and ADC blocks to exclude the effect of supply noise 

on the analog components. Figure 5.6 shows a block diagram of the DNE. 
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Figure 5.5: Die photo and layout of the test chip. 

 

A 4-bit flash ADC is located on the right side of the chip to measure its overall 

performance degradation in presence of substrate noise. The ADC is made out of 15 

comparators and occupies an active area of 0.2mm×0.9mm. The comparator outputs 

generate a thermometer digital code which is sent directly off chip as a digital 

representation of input samples.  

DNE Input

Substrate

Off-chip ground 
contact

dt

di
L

DNE Input

Substrate

Off-chip ground 
contact

dt

di
L

 

Figure 5.6: Block diagram of the digital noise emulator (DNE). 
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In order to test the impact of noise on the regeneration time or decision of the 

individual comparator blocks, comparators are used in a toggling test structure in other 

parts of the chip. In this test structure, which is shown in Figure 5.7, the comparator is 

used in a positive feedback loop and hence oscillates with half of the clock frequency. 

The comparator’s outputs are attenuated to the minimum resolution of the ADC before 

connecting them back to the inputs to simulate the performance of the most sensitive 

blocks in the ADC. In this structure the variation in the regeneration time of the latch 

can be observed as jitter in zero-crossing points of the toggling output. This can be 

measured both with a jitter histogram in the time domain or by observing modulated 

tones generated by the noise signal in the frequency spectrum of the output. 

Furthermore, if the input polarity is reversed by noise coupling, it can be observed by 

having a cycle without toggling at the output.   

clk

attenuator

SR Latch

clk

attenuator

SR Latch

 

Figure 5.7: Block diagram of the toggling test structure. 

5.4 Measurement results 

The flash ADC on the chip was first tested without noise sources to measure its 

nominal performance characteristics. Figure 5.8 shows plots of INL and DNL of this 

ADC together with its SNDR vs. input and clock frequencies. The maximum INL and 

DNL of the ADC are 0.4 LSB and 0.35 LSB, respectively. SNDR of the ADC is 24 

dB corresponding to an ENOB of 3.7 (at fin=100 MHz and fs=262 MHz).  
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Figure 5.8: a) INL and DNL of the ADC. b) SNDR of the ADC vs. clock and input 

frequencies. 

 

By turning on the Digital Noise Emulators, incorrect codes were observed at the 

output of the ADC that degrades its SNDR. The ADC performance degrades more 

with increasing digital clock frequency, which generates higher frequency noise 

spikes. Figure 5.9 shows the SNDR plot of the ADC vs. noise frequency for sampling 

speed of 262 MHz and input frequency of 5 MHz. An SNDR degradation of 2 dB can 

be observed in this plot for noise frequencies of above 200 MHz. This is equivalent to 

a 0.33-bit reduction in the effective number of bits.  

The toggle test structure shown in Figure 5.7 was tested in presence of substrate 

noise to investigate the impact of noise on the comparator decision time. Jitter is 

measured in the time domain using the horizontal histogram in a digitizing 

oscilloscope. Figure 5.10(a) shows comparator jitter vs. noise frequency for two 

different clock frequencies. It is observed from this plot that jitter increases 
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significantly with increasing noise frequency and is worse for higher clock 

frequencies. In order to investigate the effect of distance on the sensitivity of a 

comparator block to substrate noise, the toggle test structure is tested separately with 

two DNEs on the chip. DNE1 and DNE2 are located 400µm and 1200µm away from 

the target block, respectively. Figure 5.10(b) shows comparator jitter vs. noise 

frequency for the two DNEs. It is observed from the plots that the closer DNE has a 

significantly larger impact on the comparator which is expected in a non-epi process.   
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Figure 5.9: SNDR of the ADC vs. noise frequency. 
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Figure 5.10: (a) Comparator output jitter vs. noise frequency for two clk frequencies, 

(b) Comparator jitter vs. noise frequency for DNEs at two different 

locations. 
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5.5 Summary 

In this chapter, we investigated a 4-bit flash ADC and its individual building 

blocks in presence of substrate noise. Experimental results were shown for this ADC 

and a toggling test structure made by a comparator. Analysis and measurement results 

showed that substrate noise can cause major degradation in the performance of the 

ADC if the digital switching occurs at high frequencies and gets worse as the digital 

noise source is located closer to the sensitive analog blocks. The main reason for 

degradation of the ADC is generation of wrong codes at the output of comparators 

caused by asymmetric noise coupling to its differential nodes. Therefore, it is 

important to keep the layout of the circuit as symmetric as possible with respect to the 

noise sources. Substrate noise may not cause a significant problem in low-resolution 

or low-speed ADCs, but as the resolution and speed of the ADCs increases, more care 

should be taken in terms of keeping the sensitive analog parts further away from the 

digital noise sources and protecting the sensitive parts using methods of noise 

reduction like guard rings.  
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Chapter 6  

Conclusion 

 

6.1 Summary 

IF sampling has become an attractive approach in the receiver path of wireless 

base stations. This method takes away one or more steps of down-conversion in the 

system and moves some of the analog functions to the digital domain; hence reduces 

the number of components and size of the analog part of the system. However, the 

ADCs used in these applications need to have very good linearity over their entire 

input bandwidth. The linearity of ADCs at high input frequencies is mainly limited by 

the dynamic errors generated at their front-end. These memory dependent errors are 

generally modeled with Volterra series. However, the inverse Volterra series becomes 

very complex as the order of nonlinearity and memory in the system increases and it 

requires intensive computational power that is usually impractical even in today’s 

fine-line technology. 

In this dissertation, we investigated the sources of nonlinearity at the front-end of 

the ADC consisting of the acquisition stage and the input driving circuit.  The two 

main sources of error at the acquisition stage are charge injection and tracking 

nonlinearity. It was shown in our analysis that the main source of dynamic nonlinear 

errors at high input frequencies is the tracking nonlinearity caused by the input 

dependent switch resistance charging the sampling capacitor. Modeling of this error 

showed that nonlinearity and memory come from two different sources and can be 
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separated in the distortion function to make it a simpler version of the Volterra series. 

The nonideal circuit components in the input driving circuit also add to this nonlinear 

error but do not change the general form of the distortion model.   

Based on the circuit level information from the sources of nonlinearity in the 

system, we proposed a digital correction scheme that can be applied to the ADC 

output in order to improve its linearity performance over its entire input bandwidth. 

The correction filter uses unknown coefficients that need to be calibrated using a set of 

input and output points from training signals. We showed in our analysis that three 

single tone sinewaves in each Nyquist zone provides enough information for 

extracting the filter coefficients. After calibrating the coefficients, the correction filter 

can be used to compensate nonlinearities in any bandlimited signal located in that 

specific Nyquist zone. 

The proposed algorithm was applied in simulation using the nonlinear model of a 

track-and-hold system and showed significant improvement in its SFDR over several 

Nyquist zones. It was also applied to the simulation results of the whole front-end of 

the ADC and showed good improvement in linearity performance even in presence of 

other circuit nonidealities at the input driving circuit. 

In order to test the performance of the proposed correction method in experiment, 

a state-of-the-art commercially available ADC was used and the algorithm was applied 

to its output. Our measurement results showed that the proposed digital enhancement 

scheme can improve SFDR of the ADC to more than 83 dB up to input frequencies of 

470 MHz. The method was also tested on different ADCs and ADCs with different 

input driving circuits and showed significant improvement in linearity performance in 

all of them.  

In order to test robustness of the algorithm, the coefficients of the filter were 

calibrated once while the ADC was in its nominal operating condition. The chip was 

then subjected to temperature variation of ±30
◦
C relative to room temperature and was 

tested with the same correction filter. Our results showed that the correction is not 
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very sensitive to temperature variations and has good linearity improvement over the 

temperature range in our experiment.  

For ADC applications that do not include an FPGA in their system, the digital 

correction scheme should be integrated on chip together with the ADC. The presence 

of both analog and digital components on the same chip generates noise in the 

substrate which can degrade the performance of the system. In this thesis, we 

investigated the impact of this noise on a high speed flash ADC and analyzed how its 

different blocks can be affected by the switching noise in the substrate. We 

implemented a test setup and showed our measurement results from performance 

degradation in the ADC versus noise distance and frequency. It was shown that SNDR 

of the ADC degraded significantly with increasing noise frequency and is affected 

more with a digital noise source located at a closer distance. 

6.2 Suggestions for future work 

The proposed calibration algorithm in our method is a foreground calibration, 

meaning that the coefficients are extracted once and kept constant during ADC 

operation. However, if the ADC gets subjected to large variations in the environmental 

condition, its nonlinear function might change and the coefficients in the correction 

filter need to be updated. Therefore, an interesting future step would be to investigate 

the possibility of implementing a background calibration scheme. A block diagram of 

one possible background calibration scheme is shown in Figure 6.1. In this structure, a 

replica of the ADC’s front-end including track-and-hold and the input driving circuit 

is used in the second path for updating the coefficients. The training signal is 

continuously applied to this replica front-end while the ADC is performing its normal 

operation. The output of the replica circuit goes to a second ADC which needs to be 

very accurate but can be very slow and the ADC output is used for updating the 

coefficients in the filter through the calibration algorithm. 
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Figure 6.1: Block diagram of the background calibration scheme. 

 

From the analysis in the previous chapters, we note that the main source of 

dynamic nonlinearity at the ADC’s front-end does not depend on the sampling speed; 

therefore, the clock frequency of the second path can be chosen much slower than the 

main path to ease some of the requirements on the second ADC. However, some 

nonlinearity caused by the input driving circuit depends on the tracking time of the 

clock and hence that should stay constant in the two paths. Therefore, it is required to 

generate a clock with e.g. a duty cycle of 1/2000 if the frequency of the second clock 

is 1000 times smaller than the main clock.  It is also important to choose the training 

signals in the desired Nyquist zone of ADC’s operation, even though they will be 

subsampled with a larger factor in the second path.  

The mismatch between the two paths can degrade the accuracy of the correction 

filter. It is therefore important to investigate the matching requirement between the 

ADC’s front-end and its replica and make sure they generate sufficient accuracy in the 

correction process. The second ADC, which can be slow, needs to be more linear than 
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the desired linearity in the main ADC. This can be a high-resolution, low-speed ADC 

made e.g. with a sigma-delta modulator. The clock speed of the second path is chosen 

based on the time required for each step of calibration and the required update interval 

for the coefficients. It also needs to be optimized so that it will not add a considerable 

amount of power to the system. 

Another useful future work is to find methods for generating the training signals 

required for calibrating the coefficients. In this work we used three single tone 

sinewaves in each Nyquist zone for extracting the filter coefficients in that zone. 

However, these sinewaves need to be clean and more linear than the requirement in 

the ADC. It would be interesting to investigate how these tones can be generated on 

chip or on the board with minimum added cost and power to the system. As an 

alternative, other kinds of training signals can be investigated to a find a more 

practical choice to be used in a background calibration scheme. 

Some other suggestions for future work in this area include investigating how the 

proposed correction algorithm can perform in presence of a BJT acquisition stage or 

looking into the possibility of making some modification in the analog circuit at the 

front-end. For instance, bringing some feedback from the digital domain to correct 

some of the nonlinearities by analog means is one possibility. This can be done 

through e.g. adding a variable capacitor that can be adjusted based on measuring the 

nonlinearity of the resistance in the input track-and-hold system in order to 

compensate some of its nonlinearity. 
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Appendix A  

TCAD Simulation of a Track-and-

Hold Circuit 

 

In order to perform simulations without relying on the accuracy of the BSIM 

model used for transistors and also to be able to observe charge flow and transistor 

channel variation, we simulated the bottom-plate track-and-hold circuit using mixed-

mode TCAD tools (see Figure A.1). In this simulation the device structure is defined 

for NMOS transistors. These transistor models are then used inside the circuit to 

perform transient and AC simulations. At each step of simulation, voltages, currents 

and charges are defined by numerically solving the device equations including the 

boundary conditions. 

 

Figure A.1: Bottom-plate track-and-hold circuit.  

In this appendix we include a netlist defining the device structure and also a 

netlist showing how the device is used inside a circuit simulation. These simulations 

have been done using Taurus simulation tools [35]. 
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A.1 Defining device structure 

The following netlist shows how an NMOS transistor with a channel length of 

130 nm can be defined in TCAD simulation tools. 

# Synopsys Taurus-Device Example 0.13um NMOSFET 

# Structure generation 

 

# Enable device mode 

Taurus {device} 

 

# Define the device size, list the regions, and specify fixed mesh 

lines 

DefineDevice ( 

  minX=-200nm, maxX=200nm, 

  minY=-110nm, maxY=250nm, 

 

  Region (name=silicon1, material=silicon), 

  Region (name=oxide1,   material=oxide), 

  Region (name=gate,     material=electrode), 

 

  x=-100nm, x=-50nm, x=-10nm, x=0nm, x=10nm, x=50nm, x=100nm, 

  y=-100nm, y=-2nm, y=-1nm, y=0nm, y=1nm, y=10nm, y=50nm, y=60nm 

) 

 

# Define the silicon substrate region 

DefineBoundary ( 

  region=silicon1, 

  Polygon2D ( 

    Point (x=-200nm, y=0nm), Point (x=-100nm, y=  0nm), Point (x= 

100nm, y=  0nm), 

    Point (x= 200nm, y=0nm), Point (x= 200nm, y=250nm), Point (x=-

200nm, y=250nm)  

  ) 

) 

 

# Define the oxide region 

DefineBoundary (  

  region=oxide1, 

  Polygon2D ( 

    Point (x=-100nm, y=-100nm), Point (x= -50nm, y=-100nm), 

    Point (x= -50nm, y=  -2nm), Point (x=  50nm, y=  -2nm), 

    Point (x=  50nm, y=-100nm), Point (x= 100nm, y=-100nm), 

    Point (x= 100nm, y=   0nm), Point (x=-100nm, y=   0nm) 

  ) 

) 

 

# Define the electrode gate region 

DefineBoundary (  

  region=gate, 

  Polygon2D ( 

    Point (x=-50nm, y=-100nm), Point (x=   50nm, y=-100nm), 

    Point (x= 50nm, y=  -2nm), Point (x=  -50nm, y=  -2nm) 
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  ) 

) 

# Initial coarse regrid 

#Regrid (gridProgram=pm, meshSpacingX=20nm, meshSpacingY=20nm) 

 

 

# Flat Contacts 

DefineContact (name=source,    X (min=-200nm, max=-99nm), Y (min= -

1nm, max=  1nm)) 

DefineContact (name=drain,     X (min= 99nm, max= 200nm), Y (min= -

1nm, max=  1nm)) 

DefineContact (name=substrate, X (min=-200nm, max= 200nm), Y 

(min=249nm, max=251nm)) 

#DefineContact (name=gate, X (min=-50nm, max= 50nm), Y (min=-111nm, 

max=-109nm)) 

 

# Substrate Doping: P-type Uniform 

Profile (name=Ptype, region=silicon1, Uniform (value=5e17)) 

#Profile (name=Ntype, region=gate, Uniform (value=1e20)) 

Profile (name=Ptype, region=silicon1, 

         Gauss ( peakvalue=4.2e18, sigma=25nm, 

  Edge (point (x=-200nm, y=50nm), point(x=200nm, y=50nm) ) ) ) 

Profile (name=Ptype, region=silicon1, 

         Gauss ( peakvalue=1e18, sigma=10nm, 

 polygon (point (x=-50nm, y=10nm), point(x=-10nm, y=10nm), 

           point (x=-10nm, y=50nm), point(x=-50nm, y=50nm) ) ) ) 

       

Profile (name=Ptype, region=silicon1, 

        Gauss ( peakvalue=1e18, sigma=10nm, 

 polygon (point (x=50nm, y=10nm), point(x=10nm, y=10nm), 

           point (x=10nm, y=50nm), point(x=50nm, y=50nm) ) ) ) 

   

 

# Source extension doping: N-type Gaussian 

Profile (  

  name=Ntype, region=silicon1, 

  Gauss (  

    peakValue=7e19, sigma=3nm, lateralERFC=true, lateralRatio=.5, 

    polygon (Point (x=-200nm, y=0nm), Point(x=-50nm, y=0nm)  

             point (x=-50nm, y=40nm), point(x=-200nm, y=40nm)) 

  ) 

) 

 

# Source doping: N-type Gaussian 

Profile ( 

  name=Ntype, region=silicon1, 

  Gauss (  

    peakValue=2e20, sigma=15nm lateralERFC=true, lateralRatio=.5, 

    polygon (Point (x=-200nm, y=0nm), Point(x=-100nm, y=0nm)  

             point (x=-100nm, y=80nm), point(x=-200nm, y=80nm)) 

     

  ) 

) 

 

# Drain extension doping: N-type Gaussian 
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Profile ( 

  name=Ntype, region=silicon1, 

  Gauss ( 

    peakValue=7e19, sigma=3nm, lateralERFC=true, lateralRatio=.5, 

    polygon (Point (x=200nm, y=0nm), Point(x=50nm, y=0nm)  

             point (x=50nm, y=40nm), point(x=200nm, y=40nm)) 

  ) 

) 

 

# Drain doping: N-type Gaussian 

Profile (  

  name=Ntype, region=silicon1, 

  Gauss ( 

    peakValue=2e20, sigma=15nm lateralERFC=true, lateralRatio=.5, 

    polygon (Point (x=200nm, y=0nm), Point(x=100nm, y=0nm)  

             point (x=100nm, y=80nm), point(x=200nm, y=80nm)) 

  ) 

) 

 

 

# Initial coarse regrid 

Regrid (gridProgram=pm, meshSpacingX=20nm, meshSpacingY=20nm) 

 

# Regrid on doping 

Regrid ( 

  gridProgram=pm, meshSpacing=2nm,  region=silicon1 

  Criterion (name=NetDoping, delta=.5, type=asinh) 

) 

 

# Regrid in channel 

Regrid ( 

  gridProgram=pm,  meshspacingy=4A, region=silicon1 

  minX=-50nm, maxX=50nm, maxY=6nm 

) 

 

# Zero-carrier solve at equilibrium 

Symbolic (carriers=0) 

Solve {} 

 

# Regrid on potential 

Regrid ( 

 gridProgram=pm, meshSpacing=2nm, region=silicon1 

 Criterion (name=ElectricPotential, delta=.1, type=linear) 

) 

 

# Regrid to desired grading factor and maximum element angle 

Regrid ( 

  gridProgram=pm, region=silicon1 

  gradingFactor=2.01, MaximumAngle (value=90) 

) 

 

# Redo zero-carrier solve 

Solve {} 

 

# Save structure 
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Save (meshfile=mos_struc_130.tdf) 

 

A.2  Using the transistor model in a circuit simulation 

This section shows how the above device can be used for simulating the bottom-

plate track-and-hold circuit of Figure A.1. 

# Device Simulation Input File: mos_struc_ex.pdm 

Taurus {device} 

 

# Set up device 

DefineDevice ( 

  name=pass1_1 

  meshFile=mos_struc_ex.tdf 

  areaFactor=10.0 

) 

DefineDevice ( 

  name=pass1_2 

  meshFile=mos_struc_ex.tdf 

  areaFactor=10.0 

) 

include (mos_mod_ex.pdm) 

Contact (name=gate, polydoping=1e20)  

 

DefineCircuit (name=sampler, 

 netlist( 

  CL1( n1=1, n0=24, value=2e-12), 

  R1( n1=24, n0=4, value=5), 

  Vg1( n1=2, n0=3, value=0), 

 Vin1( n1=3, n0=15, pulse(initialValue=0, appliedvalue=.1,  

delaytime=8e-9,risetime=1e-12, falltime=1e-12, 

pulsewidth=2e-6, period=3e-6)), 

 

  Vin2( n1=15, n0=16, pulse(initialValue=0, 

appliedvalue=.1, 

delaytime=18e-9,risetime=1e-12, falltime=1e-12, 

pulsewidth=2e-6, period=3e-6)),   

 

Vin3( n1=16, n0=17, pulse(initialValue=0, 

appliedvalue=.1, delaytime=28e-9,risetime=1e-12, 

falltime=1e-12, pulsewidth=2e-6, period=3e-6)),   

 

Vin4( n1=17, n0=18, pulse(initialValue=0, 

appliedvalue=.1, delaytime=38e-9,risetime=1e-12, 

falltime=1e-12, pulsewidth=2e-6, period=3e-6)), 

 

Vin5( n1=18, n0=19, pulse(initialValue=0, 

appliedvalue=.1, delaytime=48e-9,risetime=1e-12, 

falltime=1e-12, pulsewidth=2e-6, period=3e-6)), 

Vin6( n1=19, n0=20, pulse(initialValue=0, 

appliedvalue=.1, delaytime=58e-9,risetime=1e-12, 
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falltime=1e-12, pulsewidth=2e-6, period=3e-6)), 

 

Vin7( n1=20, n0=21, pulse(initialValue=0, 

appliedvalue=.1, delaytime=68e-9,risetime=1e-12, 

falltime=1e-12, pulsewidth=2e-6, period=3e-6)), 

 

Vin8( n1=21, n0=22, pulse(initialValue=0, 

appliedvalue=.1, delaytime=78e-9,risetime=1e-12, 

falltime=1e-12, pulsewidth=2e-6, period=3e-6)), 

 

Vin9( n1=22, n0=23, pulse(initialValue=0, 

appliedvalue=.1, delaytime=88e-9,risetime=1e-12, 

falltime=1e-12, pulsewidth=2e-6, period=3e-6)), 

 

Vin10( n1=23, n0=0, pulse(initialValue=0, 

appliedvalue=.1, delaytime=98e-9,risetime=1e-12, 

falltime=1e-12, pulsewidth=2e-6, period=3e-6)), 

 

   

 

vg1_2(n1=5, n0=0, Pulse(initialValue=0, appliedvalue=1.3, 

delaytime=0,risetime=3e-11, falltime=3e-11, 

pulsewidth=4.97e-9, period=1e-8)) 

 

  period=1e-5)), 

  PNMOS1_1( source=3, drain=1, gate=2, substrate=0,  

   device=pass1_1, widthfactor=10) 

            PNMOS1_2( source=0, drain=4, gate=5, substrate=0,  

   device=pass1_2, widthfactor=10) 

 

   

 ) 

)   

numerics (iterations=20) 

symbolic (carriers=0) 

solve {} 

symbolic (carriers=2) 

#Circuit_OP() { couple(iterations=10,LinearSolver=direct) {Poissons, 

ElectronContinuity,HoleContinuity}} 

  

circuit_trans( time=11e-8, initialtimestep=.005e-11, conststep=false,  

   logfile=sampler_transboot4.data, 

   SignalSpecification(  

   Pulse( initialValue=0, appliedvalue=1.3, 

   delaytime=300e-12, 

 risetime=3e-11, falltime=3e-11, pulsewidth=4.97e-9, 

period=10e-9) )  

   {BiasObject(name=vg1,type=VoltageSource) {pass1_1} 

}) 

     { couple(iterations=20,LinearSolver=direct)  

     {Poissons, ElectronContinuity,HoleContinuity} } 
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Appendix B  

Modeling Signal Derivative 

 

In this appendix we show how the slope of the signal at each sampling point can 

be related to a linear combination of previous and post samples. This can be used 

together with equation (2.8) to show that nonlinear model of a track-and-hold circuit 

can be separated into the product of a static nonlinear function and a linear function 

with memory. 

B.1 Derivative as a linear combination of previous and 

post samples 

For a sub-sampled signal (shown in Figure B.1(a)), the value of the signal at each 

sampling point can be written using the following equation 

)()()( ∑
−∞=

−=
k

skTttxkX δ  (B.1) 

where x(t) is the continuous signal, X(k) is the sampled value and Ts is the sampling 

period. By looking at the spectrum of this signal in the frequency domain (Figure 

B.1(b)), it is clear that the main signal can be recovered from the sampled values by 

bandpass filtering the discrete-time signal in the original frequency range. This 

process is shown in the following equation 

)()()()()( sbp

k

sbp kTthkTxthkXtx −=∗= ∑
−∞=

 (B.2) 
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Now, by taking derivative of this signal we find 

)(')()(' ∑
−∞=

−=
k

sbps kTthkTxtx  (B.3) 

))((')()(')(' sbp

k

ss TknhkTxnXnTx −== ∑
−∞=

 (B.4) 

where n defines the sample which its derivative is desired. 

(a)

(b)
fS

fS/2 fS 3fS/2 2fS

t

f
 

Figure B.1: a) Sub-sampled signal in the time domain. b) Frequency spectrum of a 

sub-sampled signal. 

 

The above equation shows that the slope of the signal at each sampling point can 

be modeled as a linear combination of previous and post samples where the 

coefficients are slopes of the bandpass filter at the sampling points.  

B.2  Second and third derivatives 

In order to model the second and third order derivative of a sampled signal, we 

differentiate equation (B.3) again with respect to parameter t. 
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Therefore, from the above expressions, we can observe that all derivatives of a 

sampled signal can be modeled as a linear combination of previous and post samples 

where the coefficients are the corresponding derivatives of the bandpass filter at the 

sampling points.   
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Appendix C  

Coefficient Calibration through RLS 

Algorithm 

 

In this appendix we show how the Recursive Least Square (RLS) method can be 

used to calibrate the filter coefficients using three single tone sine waves as training 

signals. We discuss the general idea and different steps of RLS algorithm in the 

following sections and show its convergence in one simulation result. 

C.1 RLS algorithm 

In many adaptive filtering methods, it is common to use a gradient descent 

algorithm for finding the Least Mean Square (LMS) error 

}|)({|)( 2
neEn =ε  (C.1) 

This method, however, requires knowledge of the autocorrelation of the input process 

and the cross-correlation between the input and the desired output. Therefore, in our 

calibration process, where the input consists of three sinewaves at three different 

frequencies and coefficients need to be optimized for all of them, this method is not 

applicable. LMS method converges to the best set of coefficients for each sinewave 

and switches to the new set of coefficients for a different sinewave with different 

statistical information; therefore, it can not find the optimum result for three sinewaves 

at the same time. An alternative is to consider error measures that can be computed 

directly from data. For example, a Least Square (LS) error defined in the following 



110                                   Appendix C: Coefficient Calibration through RLS Algorithm 

 

equation requires no statistical information about the input or output and can be 

evaluated directly from the measured data. 

∑
=

=
n

i

ien
0

2|)(|)(ε  (C.2) 

An efficient method for performing this minimization is the Recursive Least Square 

(RLS) method[52]. 

C.1.1 RLS method for coefficient calibration 

As discussed above, the main goal in this process is to minimize 

nin HiXiVie )()( )( −=  (C.3) 

where Vin(i) are the input samples estimated from the digital outputs, Hn is the matrix 

of coefficients and X(i) is each row of the matrix shown in equation (3.5), consisting 

of powers of the current output sample and previous output samples.  

The different steps of RLS algorithm for our calibration algorithm can be 

summarized as shown below 

- p= Number of coefficients (size of vector Hn) 

- δ= Value used to initialize P(0) (a small positive constant) 

- Hn=0 

- P(0)= δ
-1

 I 

- For n=1, 2, … (the number of samples) compute 

o z= P(n-1)×X(i)′ 

o g(n)=[1/(1+X(i) ×z)] ×z 

o a= Vin(i)-X(i) ×Hn-1(i) 

o Hn=Hn-1+a×g(n) 
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o P(n)=P(n-1)-g(n) ×z′ 

Figure C.1 shows how three different coefficients in the system converge to their 

final value using RLS algorithm. In this experiment we used three sinewaves as our 

training signals and used 1000 sample points from each of the test sinewaves.  
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Figure C.1: Convergence of three of the coefficients in Hn using 1000 sample points 

from each sinewave.   
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